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ABSTRACT 

A  low  cost  Transmit/Receive  module  for  the  Space  Ground  Link  Subsystem,  SGLS,  has 
been  designed  and  manufactured  for  the  next  generation  of  Phase  Array  Antenna  for  the 
Air  force  Satellite  Control  Network,  AFSCN.  Each  Transmit/Receive  module  consists  of 
four  channels  comprising  of  two  receive  channels  and  two  transmit  channels.  The  module 
consists  of  high  selectivity  ceramic  bandpass  filters,  polarization  selection,  four  4-bit 
phase  shifters,  four  5  bit  digital  attenuators,  dual  low  noise  amplifiers,  and  dual  power 
amplifiers,  capable  of  transmitting  a  minimum  1-watt  per  output  per  channel.  The  RF 
portion  of  the  module  utilizes  ground  coplaner  waveguide  structure.  The  module  is 
designed  for  Hot-condition  replacement  and  has  active  bias  network  for  the  high 
efficiency  GaAs  power  amplifiers.  To  meet  the  cost  objectives,  the  RF  connectors  have 
been  designed  for  insertion  into  beam  forming  structure  using  novel  connection  format 
and  making  DC  and  RF  signals  availability  on  the  same  side  of  the  module.  The  control 
of  the  T/R  module  is  connected  via  single  Field  Programmable  Gate  Array,  FPGA, 
through  a  GPIB  computer  interface.  The  paper  will  present  the  unique  aspects  of  the 
design,  the  cost  analysis,  challenges,  and  unique  interboard  connectivity. 


INTRODUCTION 

Low  cost  component  design  and  implementation  issues  are  critical  in  developing  a 
practical  phased  array  antenna.  Combined  RF,  Digital  and  monolithic  circuits  are 
important  but  not  only  the  critical  issue. 

Affordable  antenna  arrays  operating  at  microwave  frequencies  are  envisioned  to  consist 
of  active  modules  that  employ  microwave  integrated  circuits  at  each  radiating  element  of 
the  aperture.  The  antenna  system  consists  of  separate  receiver  and  transmit  aperture 
capable  of  rapid  beam  motion.  The  transmit  antenna  should  be  capable  of  high  radiated 
power  levels  and  the  receive  antennas  must  achieve  a  high  G/T  ratios.  Beam  agility  and 
high-radiated  power  levels  in  association  with  the  close  spacing  between  the  radiators 
drive  the  antenna  design.  The  requirement  for  fast  beam  switching  will  requires  digital 
processing  circuits  to  calculate  phase  shift  settings.  A  high  RF  radiated  power  level 
developed  from  closely  spaced  RF  amplifiers  generates  very  large  heat  densities.  This 
forces  the  transmit  antenna  to  increase  in  area  to  where  beam  pointing  accuracy  limits  the 
array  size.  The  great  number  of  elements  in  the  array  emphasizes  the  need  to  develop  a 
practical  method  of  distributing  control  signals  throughout  the  array.  A  Geo-Disic 
Spherical  phase  array  antenna  is  considered  for  Air  Force  Satellite  Communication 
network.  Implicit  in  the  system  function  array  is  the  need  to  operate  the  array  in  full 
duplex  operation.  Additionally  the  array  should  be  capable  of  controlling  fundamental 
radiation  characteristics  such  as  beamwidth,  beam  size,  sidelobe  levels  and  radiated 
power,  in  order  to  realize  different  antenna  characteristics  required  by  the  various 
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satellites.  The  array  aperture  consists  of  a  large  number  of  radiating  elements  that  are 
spaced  approximately  half  a  wavelength  at  the  upper  end  of  the  operational  frequency 
band.  The  frequency  response  and  excitation  of  each  element  in  the  aperture  can  be 
independently  controlled.  The  aperture  can  be  fully  or  partially  utilized  either  to  direct 
energy  over  a  large  volume  or  intentionally  directed  in  a  certain  direction.  Additionally, 
radar  and  communications  require  both  transmission  reception  of  energy  where  as  ESM 
and  ECM  systems  require  only  reception  of  energy.  The  capability  of  the  array  to  provide 
transmit  and  receive  functions  simultaneous  and  to  rapidly  alter  the  set  of  configurations 
is  possible  due  to  active  element  control  circuit.  The  active  control  circuits  allow  the 
Phase  Array  Radar  to  control  their  radiation  characteristics.  The  aperture  can  be 
uniformly  illuminated  to  achieve  maximum  gain  or  tapered  illuminated  to  achieve  low 
sidelobes  or  shaped  beam.  The  combination  of  the  variable  attenuator  and  phase  shifter 
permits  the  array  Illumination  to  be  modified  and  the  antenna  beam  to  be  scanned  in  any 
direction.  The  filter  specifies  the  portion  of  the  aperture  used  by  a  particular  system.  The 
phase  shifter,  the  variable  attenuator  and  the  amplifier  are  components  that  have  been 
developed  in  MMIC,  microwave  monolithic  integrated  circuit  technology,  in  the  last 
decade. 

The  requirement  of  high  degree  of  isolation  between  transmit  and  receive  channels 
focused  the  effort  to  investigate  the  exact  performance  that  can  be  achieved  from  the  low- 
cost  ceramic  filters  and  traditional  combline  filters.  In  addition,  low  cost  MMIC  based 
power  amplifiers  for  transmit  channel  have  were  also  located.  Other  effort  was  directed 
towards  the  design  of  a  low-cost  phase  shifters. 

Other  important  factors  that  were  considered  in  the  development  of  the  T/R  module  were: 

•  T/R  modules  interface  with  beamformer 

•  Hot  condition  Operation 

•  Polarization  Diversity 

•  Dual  Transmit  and  Receive  Channels 

•  Low  Cost  with  Justification 

•  High  Isolation  between  Transmit  and  Receive  Channels 

•  Digital  Control  on  Board 

•  Rugged  and  Reliable 

System  Block  Diagram 

The  block  diagram  for  the  Transmit/  Receive  module  is  detailed  in  Figure  1.  The  transmit 
section  of  the  T/R  module  consist  of  two  control  circuits  at  the  input,  each  compressing 
of  a  four  BIT  digital  phase  shifter  and  a  5-BIT  digital  attenuator,  which  are  combined  in  a 
Wilkinson  power  combiner.  The  output  of  the  combiner  is  amplified  in  a  driver  amplifier 
and  fed  into  a  90-degree  hybrid  through  a  single  pole  double  throw  switch.  The 
quadrature  outputs  of  the  hybrid  are  amplified  via  MMIC  amplifiers  to  a  power  output  of 
in  excess  of  30  dBm  and  transmit  through  high  rejection  bandpass  ceramic  filters.  The 
specifications  for  the  transmit  and  receive  channels  are  detailed  in  Table  I  and  II. 
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TRANSMIT  SECTION  OF  T/R  MODULE 


Transmit 


Phase 

Shifter 


Attenuator 


Phase 

Shifter 
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Power 

Combiner 


RECEIVE  SECTION  OF  T/R  MODULE 


Figure  1:  The  block  diagram  of  Transmit/Receive  module 

Table  I:  Specification  for  Transmit  Channel 


PARAMETER 

SPECIFICATIONS 

Frequency 

1.764-1. 842GHz 

Gain 

20dB 

Power  output  per  channel 

30dB 

Phase  shift 

360° 

Control 

Electronics 

Retrofit 

Change  in  Hot  condition 

Efficiency 

>  40  %  ] 

Spurious  Levels 

<-85 

Attenuation 

3  to  10  dB 

Table  II:  Specification  of  Receive  Channel 


PARAMETER 

SPECIFICATIONS 

Frequency 

2.2-2.3  GHz 

Gain 

30dB 

Noise  Figure 

1.2dB 

Phase  shift 

360° 

Attenuation 

30dB  min 

The  main  components  of  the  Transmit/Receive  module  are: 

•  Transmit  Filter  with  1  OOdB  rej  ection  at  receive  frequency 

•  Receive  filters  with  high  rejection  at  transmit  frequency 

•  Low  noise  MMIC  amplifiers 

•  High  Power  MMIC  driver  and  Power  MMIC  amplifiers 

•  Quadrature  and  in  phase  hybrids 

•  5  Bit  Transmit  and  Receive  digital  Phase  Shifter 

•  5  BIT  digital  control  attenuators  for  transmit  and  receive  channel 

•  Limiters  for  receiver  channel 

•  SPDT  switch  for  Polarization  selection 

•  Xilinx  digital  controller 

TX  and  RX  Filters 

Two  filters  are  required  to  maintain  optimum  performance.  The  transmit  filter,  inserted 
before  the  transmit  antenna,  prevents  wideband  noise  from  entering  the  receiver,  and 
degrading  performance.  The  receive  filter,  inserted  after  the  receive  antenna,  prevents  the 
coupled  transmit  signal  from  degrading  the  linearity  of  the  receive  Low  Noise  Amplifier 
(LNA).  The  transmit  filter  are  made  of  high  Q  ceramic  resonators.  It  consists  of  six 
resonators  in  a  coaxial  structure.  The  main  goal  was  to  have  high  rejection  of  at  least 
lOOdB  at  the  receiver  frequency.  The  receive  channel  filters  are  also  made  of  ceramic 
resonators  very  similar  to  those  of  transmit  filters.  The  receive  filters  were  designed  for 
low  loss  and  a  rejection  of  at  least  50  dB  at  the  transmit  frequencies.  The  measured 
performance  of  the  Transmit  and  receive  filters  is  detailed  in  Figure  2  and  3.  Table  III 
and  IV  show  the  filter  specifications. 

Table  III:  Specification  of  Transmit  Filter 


PARAMETER 

SPECIFICATIONS 

Frequency 

1.764-1.842  GHz 

Insertion  loss 

1  .OdB  Max 

Return  loss 

<-15dB 

Rejection  at  2.2  GHz 

f  <-150 

TABLE  IV:  Specification  of  Receive  Filter 


PARAMETER 

SPECIFICATIONS 

Frequency 

1.22-2.3  GHz 

Insertion  loss 

l.OdB  Max 

Return  loss 

<-15dB 

Rejection  at  2.2  GHz 

<-100 
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CENTER  Z  250.000  000  MHz  SPRN  1  200.000  000  MHa 


Figure  3:  The  measured  performance  of  Receive  Filter: 


Low  Noise  MMIC  Amplifier 

The  Low  noise  amplifier  can  either  be  designed  or  use  a  MMIC  amplifier.  For  a 
frequency  of  2.2  to  2.3  GHz,  Silicon  Germanium  devices  such  as  BFP520,  BFP620  and 
Silicon  Germanium  MMIC  amplifier  MZX  2641  were  evaluated.  Max2641  was  selected 
due  to  its  low  cost  and  ease  of  use.  The  performances  of  the  LNA  candidates  are 
compared  in  Table  V. 


TABLE  V:  The  Performance  of  BFP  520  and  MAX  2641 


PARAMETER 

BFP520 

MAX2641 

Frequency 

2.2-2. 3  GHz  1 

2.2-2.3  GHz 

Noise  Figure 

l.ldB 

1.23dB 

Gain 

20dB 

14dB 

IP3 

25dBm 

lOdBm 

Package 

Surface  mount 

Sot-23 
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High  Power  MMIC  Amplifier 

For  the  power  amplifier,  multitudes  of  MMICs  were  available.  One  such  MMIC  was 
evaluated  and  used  for  Transmit  channel,  with  power  output  capability  of  32  dBm.  The 
Amplifier  provides  a  gain  of  20dB  with  a  power-added  efficiency  exceeding  40  percent 
over  1.7  to  1.9  GHz  band.  The  data  for  AP  1 19  DCS  MMIC  is  show  in  below  table. 

TABLE  VI:  MMIC  Power  Amplifier 


PARAMETER 

SPECIFICATIONS 

Frequency 

1700-1900  MHz 

Gain 

20dB 

VSR 

10:1 

Operational  Voltage 

3.5  Max  drain  voltage  10V 

Package 

SSOP-16-enhanced  surface  mount 

Gain  Control 

30dB 

Control  Voltage 

-3  to  -1  volts 

Phase  change  with  control 

10°  Maximum 

Power  output 

32dBm 

The  measured  performance  is  detailed  in  Figure  4  below. 


AP  119  DCS  PA  -  Power  Sweep 
Vg  =  -1.5  V,  Vdd  =  3.5  V,  Frequency  =  1.785GHz 


5  Bit  Transmit  and  Receive  Phase  Shifters 

A  phase  shifter  design  based  on  the  MMIC  switch  incorporating  a  single  double  pole 
double  throw  was  procured  from  Marconi.  This  device  essentially  replaces  two  single 
pole  double  throw  switches.  The  component  count  reduced  from  10  devices  per  phase 
shifter,  (Total  40  for  T/R  module)  to  5  devices  per  phase  shifter  (20  per  T/R  module).  The 
design  of  the  Transmit  and  Receive  channel  phase  shifters  was  detailed  in  Ref  1.  The 
insertion  loss  of  the  phase  shifter  was  measured  at  8dB  with  a  total  change  in  insertion 
loss  of  0.4dB  in  all  phase  states.  The  measured  performance  of  the  transmit  and  receive 
channel  phase  shifters  are  detailed  in  Figure  5  and  Figure  6. 
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Figure  5:  The  measured  performance  of  transmit  channel  phase  shifter 


Limiters  for  Receive  channel  protection 

Surface  mount  limiters  have  been  designed  and  performance  measured.  The  active  device 
in  a  narrow  I  region  pin  diodes  with  a  DC  return  for  current  in  the  self-bias  mode.  The 
design  if  the  T/R  module  is  based  on  Coplanar  Wave  Guide  with  a  ground.  The  diodes 
are  therefore  mounted  directly  across  the  50Ohms.  The  insertion  loss  is  0.2dB.  The  flat 
leakage  is  sufficient  to  protect  the  LNA. 
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S2i  FORWARD  TRAMSHISSXON 


Figure  6:  The  measured  performance  of  receive  channel  phase  shifter 


Xilinx  digital  controller 

The  purpose  of  the  serial  to  parallel  bus  arbitrator  is  to  accepts  serial  commands  and  unit 
address  data  and  passes  this  commands  to  a  parallel  bus  connected  to  a  uniquely  address 
unit.  The  input  signals  to  this  circuit  are  data,  data  clock  and  latches  enable;  the  outputs 
are  16  parallel  command  lines  connected  to  a  Single  programmable  unit.  Four 
addressable  units  are  grouped  into  a  single  Transmit/Receive  module.  In  order  to  avoid 
hardware  redundancy,  one  unit  can  be  addressed  with  a  base  address  and  the  remaining 
three  can  indirectly  addressed.  In  addition,  to  compensate  for  data  and  clock  line  fanout 
for  a  large  number  of  modules,  a  single  module  can  act  as  a  "master"  module  for  several 
modules  by  buffering  the  clock,  data  and  latch  lines.32  bits  of  serial  data  is  clocked  into  a 
32-bit  wide  shift  register.  Command  data  is  stored  in  bits  0  to  15  and  the  desired  unit's 
address  is  stored  in  bits  16  to  32  allowing  for  65536  possible  units.  Once  all  32  serial  bits 
are  stored  in  the  shift  register,  a  unit  with  a,  matching  address  is  determined  to  exist,  and 
the  latch  line  is  subsequently  set  high  for  a  clock  pulse,  commands  are  latched  out  to  the 
addressed  16  line  parallel  bus.  Each  unit  is  indirectly  addressed  0-3  by  subtracting  the 
module's  base  address  from  the  intended  units  address.  The  serial  to  parallel  bus 
arbitrator  circuit  is  now  ready  to  receive  the  next  serial  stream  of  data. 


Serial  Bus  Block  Diagram  for  T/R  module 
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Serial  Bus  Topology  for  200  T/R  modules  maximum: 


T/R  Module  Layout 

The  original  Transmit/Receive  module  layout  was  conducted  in  a  manner  where  the 
inputs/outputs  form  the  beam  former  was  on  the  opposite  end,  to  the  antenna  output/input 
respectively.  Later,  it  was  clear  that  the  input/output  from  the  beam  former  to  the  antenna 
output/input  needs  to  be  on  the  same  side  to  allow  module  exchange  in  the  hot  condition. 
The  width  of  T/R  module  was  restricted  to  a  maximum  of  3  inch.  The  RF  board  was 
fabricated  using  grounded  coplanar  technology  to  reduce  coupling  and  grounding  effects. 
The  control  board  was  fabricated  on  Multilayered  FR-4  substrate. 

The  Completely  assembled  Rf  section  of  the  T/R  module  is  shown  in  Figure  7.  The 
Receive  and  transmit  filters  are  inserted  via  the  back  to  ensure  isolation.  These  are  visible 
on  the  fully  assembled  controlled  board  shown  in  Figure  8. 
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Figure  7:  RF  section  of  T/R  Module 


Design  To  Cost 


The  design  to  cost  of  the  T/R  module  has  been  conducted  from  project  initiation,  from 
onset,  the  cost  associated  with  the  components  without  any  compromise  in  the 
performance  has  been  the  guiding  rule.  The  availability  of  the  active  devices  for  the  PCS 
market  has  really  influenced  the  cost  of  amplifiers  and  phase  shifters.  Added  with  novel 
design  and  layout,  the  design  to  cost  goal  is  near  reality.  The  individual  cost  associated 
with  the  components  is  detailed  below  in  tabular  fashion.. 


TABLE  VII:  Digital  Control  PTC 


Component 


Resistor 

Capacitor 

Transistors 

Xilinx 

ICs 

Regulators 

Connectors 

Interconnects 

Board 

Assembly 

Test 


Per 

module 


58 

31 


10 

2 

3 

58 

1 

1 


$ 

10 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


$ 

50 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


$ 

100 


1.00 

TOO 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


500 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


$ 

1000 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


$ 

5000 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


$ 

10K 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


$ 

5  OK 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


$ 

100K 


1.00 

1.00 

0.02 

20.00 

1.60 

0.50 

0.90 

0.50 

10.00 

50.00 

25.00 


TABLE  VIII:  RF  SECTION  DTC 


Resistors 

Capacitors 

Transistors 

MMIC 

RX  Filter 

TX  Filter 

Power 

Amplifier 

Phase 

Shifter 

Attenuator 

I/NA 

Switches 

Limiter 

Counter 

Connectors 

Board 

I  Icat  Sink 

Assembly 

Test 

Total 


23 

46 

6 

2 

2 

2 

2 


4 

4 

4 

2 

2 

24 


$ 

10 


1.00 

1.00 

2.00 

5.00 

120.00 

180.00 

40.00 

48.00 

48.00 

5.00 

12.00 

5.00 

0.50 

1.40 

20.00 

68.00 

150.00 

200.00 

904.90 


$ 

50 


1.00 

1.00 

1.00 

5.00 

78.00 

116.00 

40.00 

48.00 

48.00 
5.00 

10.70 
5.00 
0.50 

1.40 
15.00 
68.00 
140.00 
1 90.00 
765.60 


$ 

100 


1.00 

1.00 

1.00 

4.00 

56.00 

84.00 

40.00 

48.00 

48.00 

4.00 

10.70 

5.00 

0.50 

1.40 

13.00 

64.00 

130.00 

180.00 

581.60 


$ 

500 


1.00 

1.00 

1.00 

4.00 

40.00 

50.00 

12.34 

48.00 

44.00 

4.00 

10.70 

4.00 

0.50 

I. 40 

II. 00 
35.00 
125.00 
155.00 
557.94 


$ 

IK 


1.00 

1.00 

1.00 

3.00 

32.00 

48.00 

11.32 

45.00 

25.40 
4.00 
10.00 
4.00 
0.50 

1.40 
8.50 
5.00 
40.00 
99.00 
339.12 


$ 

5K 


1.00 

1.00 

1.00 

3.00 

28.00 

42.00 

10.00 

32.00 

27.00 

3.00 

8.00 

3.00 

0.50 

1.40 

8.10 

5.00 

40.00 

55.00 

269.00 


$ 

10K 


1.00 

1.00 

1.00 

2.50 

26.00 

40.00 

9.80 

32.00 

22.40 
2.50 

6.80 
3.00 
0.50 

1.40 
8.00 
5.00 
30.00 
25.00 
217.90 


$ 

50K 


1.00 

1.00 

1.00 

2.50 

14.00 

20.00 

8.00 

31.20 

20.00 

2.00 

2.80 

2.00 

0.50 

1.40 

7.90 

5.00 

10.00 

15.00 

145.30 


$ 

100K 


1.00 

1.00 

1.00 

2.00 

10.00 

16.00 

8.00 

30.40 

18.00 

2.00 

2.00 

1.50 

0.50 

1.40 
7.85 
5.00 
10.00 
15.00 
133.65 
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MEASURED  T/R  DATA: 

821  FORKARO  TRANSMISSION 


&3JEC T 

mmsr  has* oer 

HARKHR  1 
1.745000000  6Hz 

HARKS#  Z 
1*845000000  Stfe 


REF  MODE  IS  OF 
PRESS  <EKTSt> 

ta  aaegr 


Transmit  channel 

Input  l  to  Output  I  In  band  step  Attenuation 

0,  1,2,4,8,16,24,28,31  (dB) 

S/N 3507 

Figure  9:  Transmit  Channel  with  Amplitude  Control 


m  FORMA®  TRANSMISSION 


Transmit  channel 

Input  1  to  Output  1  4  Bit  Phase  Shifter 

0, 22.5, 45, 90, 180, 270, 315, 337.5 

S/N  3507 

Figure  10:  Transmit  Channel  Phase  Control 
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Transmit  channel 

Input  1  to  Output  1  Switch  Polarlratiofi 

0,90 

Figure  11:  Transmit  Channel  Polarization  Switch 


S/M 3507 


arauME 


Jfh-- 


x; >r 


t  XX: 


A.  A 


MI-K£ 

rerenacE  plane 

0.0090  Mi 

jumst  i 

“W»  "* 

^  -“•MT 1K 
SSSwiSdI 


U. - 


V  N- 

A 

.151  l 


f-i 
o  -  i. 


1  1,009800000  I 

7, SOS  K 
i*  -18.147  IX 


KMM0  REMMRff 
puuenoM 


Transmit  channel 

Input  1  to  Output  1  4  Bit  Phase  Shifter 

0,22.5,45,90, 180,270,315,3375 

S/N  3507 


Figure  12:  Transmit  Channel  Phase  Shift 
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Receive  channel 

Input  1  to  Output  1  In  band  step  Attenuation 

0,  1, 2, 4,  8*  16, 24, 28, 31  (dB) 

S/N  3507 


Figure  13:  Receive  Channel  Amplitude  Control 


821  FORWARD  TRANSMISSION 


Receive  channel 

Input  I  to  Output  1  4  Bit  Phase  Shifter 

0, 22.5, 45,  90,  180, 270,  315,  337.5 

S/N  3507 

Figure  14:  Receive  Channel  Phase  Shifter 
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S/N  3507 


Receive  channel 

Input  1  to  Output  t  Switch  Polarization 
0,90 

Figure  15:  Receive  Channel  Switch  Polarization 
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Fieure  16:  Receive  Channel  Phase  Shift 
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CONCLUSIONS 


A  Transmit/Receive  module  has  been  developed  for  the  SGLS  band  operation.  Sixteen 
T/R  modules  were  fabricated  and  tested.  A  design  to  cost  exercise  was  conducted  to 
ensure  a  low  cost  product.  In  the  transmit  section  a  power  output  of  30  dBm  per  channel, 
with  a  4-BIT  phase  shifter  and  a  5-BIT  attenuator,  and  polarization  switching  has  been 
achieved.  An  overall  gain  of  30  dB  was  achieved.  In  the  receive  channel  a  noise  figure  of 
2dB  was  measured  with  an  overall  gain  of  in  excess  of  20  dB.  This  channel  also  included 
4-BIT  phase  shifter  and  5-BIT  attenuators.  In  its  present  form,  the  T/R  module  is 
reproducible.  The  next  phase  of  development  will  focus  on  extending  the  T/R  module  for 
SGLS  and  USB  frequencies. 
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Abstract 

Many  of  NASA’s  future  missions  require  multiple  accesses  to  work  together 
as  a  single  system.  To  accomplish  these  missions,  multi-beam  phased  array 
antennas  are  required  to  communicate  between  satellites  flying  in  fixed 
formation.  In  this  paper,  a  comparison  of  different  multi-beam  systems  will 
be  given  followed  by  detailed  discussions  of  the  lens  array  architecture  and 
test  results. 

Introduction 

NASA  has  planned  as  many  as  39  science  missions  over  the  next  twenty  years  to 
study  the  origin  of  the  universe,  the  Sun,  the  Earth,  and  other  neighboring  planets 
[1].  Many  of  these  missions  require  multiple  assets  to  work  together  as  a  single 
system.  For  example,  Stellar  Imager  will  require  many  satellites  in  a  centralized 
formation  flying,  and  the  Mars  mission  will  use  multiple  rovers,  probes  and 
satellites.  To  accomplish  these  missions,  multiple,  steerable  beam  antennas  are 
required  to  collect  diverse  scientific  mission  data  from  formation-flying 
spacecrafts. 

This  paper  concerns  with  the  development  of  a  multi-beam  lens  array  antenna  for 
crosslink  communications  between  satellites  in  tight  formation.  The  application 
considered  requires  several  simultaneous  beams  at  different  angles  with  each 
capable  of  dual  frequency  and  dual  polarization.  The  angle  of  each  beam  can  be 
fine-tuned  of  about  5  degree  around  the  fixed  positions  by  amplitude  controls  of 
the  feed  elements.  This  allows  pointing  correction  with  satellites  slightly  out  of 
formation.  For  feasibility  demonstration,  a  56-element  planar  discrete  lens  array, 
space-fed  with  two  small  array  feeds  along  the  focal  arc,  has  been  built  and  tested 
through  collaborative  efforts  with  the  University  of  Colorado.  In  the  paper,  a 
comparison  of  different  multi-beam  antenna  systems  will  be  given  followed  by 
detailed  discussions  of  the  lens  array  architecture  and  test  results. 

Comparison  of  Multi-Beam  Antenna  System 

Multi-beam  antenna  systems  can  generally  be  divided  into  three  basic  classes: 
reflector,  phased  array  and  lens.  For  multi-beam  applications,  the  most  serious 
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problem  in  a  reflector  antenna  is  the  aperture  blocking  by  a  cluster  of  feeds,  which 
contributes  to  large  blockage  losses.  Further,  reflector  antenna  suffers  from  coma 
and  spherical  aberrations,  and  therefore  is  not  suitable  for  producing  multiple 
beams  [2].  The  various  aberrations  greatly  limit  the  scan  range  of  the  reflector  to 
only  a  few  beamwidths  (typically  about  10°).  Compensation  of  aberrations  using 
step  zoning  and  reactive  surface  loading  is  difficult  and  generally  adds  cost, 
weight  and  volume  to  the  antenna  system.  Reflector  antennas  often  achieve  beam 
steering  by  mechanical  means;  thus  have  size,  weight  and  life-cycle  cost 
disadvantages  particularly  for  space  applications.  In  recent  years,  reflectarray,  a 
planar  version  of  the  reflector,  has  been  considered  as  substitute  for  the  reflector 
antennas.  Reflectarrays  are  fabricated  using  standard  PCB  technique,  and  thus 
have  cost,  size,  and  weight  advantages  over  solid  reflectors,  especially  for 
implementation  in  space.  Another  advantage  is  that  the  back  is  accessible  for 
interfacing  with  the  aperture  and  cooling.  There  are  works  currently  going  to 
insert  phase  shifters  in  the  radiating  elements  of  the  reflector  to  achieve  beam 
scan.  For  multi-beam  applications,  reflectarrays  still  face  the  same  blockage  and 
aberration  problems  as  the  reflector  antennas. 

Using  active  phased  array  to  generate  multiple  beams  has  long  been  in  the  minds 
of  many  researchers.  In  addition  to  compact  size,  light-weight  and  lower  life- 
cycle  cost,  active  phased  arrays  can  achieve  beam  agility,  diversity, 
reconfigurability,  and  adaptivity  to  complex  signal  environments.  Insertion  of 
microwave  monolithic  integrated  circuits  (MMIC)  technology  into  antenna 
systems  using  low  power  and  low  noise  amplifiers  in  close  proximity  to  the 
radiating  elements  also  offers  significant  improvement  in  the  array  transmit 
efficiency,  receive  system  noise  figure,  low  sidelobe  level  and  overall  array 
reliability  through  graceful  degradation.  Based  on  hybrid  approach,  a  Ka-band 
4x4  active  subarray  module  of  dimensions  3.2  cm  x  3.2  cm  x  .75  cm  has  been 
demonstrated  by  NASA/Texas  Instruments  in  1994.  The  active  array  module 
delivers  75  watts  effective  isotropic  radiated  power  (EIRP)  with  1990  device 
technology,  and  using  the  state-of-the-art  device  and  manufacturing  technology, 
has  the  potential  of  delivering  750  watts  EIRP  [3].  Since  then,  progress  in  active 
phased  array  has  been  in  stagnation  due  to  high  cost,  and  problems  associated 
with  high  density  device  integration  and  heat  removal.  Besides  high  cost  and 
complex  array  architecture,  excess  RF  losses  in  the  corporate  (or  Butler  matrix) 
feed  networks  and  phase  shifters  also  contribute  to  very  low  antenna  efficiency, 
making  the  active  array  unattractive  for  multi-beam  applications.  A  schematic  of 
an  active  phased  array  is  shown  in  Fig.  1.  To  generate  multi-beams,  multiple 
beamforming  networks  on  separate  layers  are  required,  increasing  the  already 
complex  array  architecture  multifold. 
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Transmit  array 
Amplifiers 

Phase  shifters  and 
feed  network 


Transmitter 

Fig.  1 .  Schematic  of  an  active  phased  array 

An  important  advantage  of  a  discrete  planar  lens  array  is  the  simplicity  in  the  feed 
network.  The  spatial  feed  allows  a  multi-beam  configuration  with  only  minor 
modifications  in  system  design,  avoiding  the  high  complexity  of  a  multi-layer 
corporate  feed  network  as  required  by  the  PHA.  Since  the  antenna  is  fed  spatially, 
there  is  no  RF  losses  associated  with  a  corporate  (or  Butler  matrix)  feed  network 
of  a  phased  array.  Consequently,  higher  efficiency  can  be  achieved  resulting  in 
lower  power  requirement.  Fig.  2  shows  the  input  power  requirement  for  a  phased 
array  with  corporate  feed  network  (PHA)  and  for  a  planar  discrete  lens  array 
(DLA),  assuming  same  EIRP  from  both  arrays.  Unlike  phased  arrays  where  feed 
loss  increases  with  array  size,  feed  loss  in  a  lens  array  with  more  than  50  elements 
is  nearly  independent  of  the  number  of  elements.  The  difference  in  losses  is 
attributed  to  different  loss  mechanism  in  the  two  arrays.  The  main  losses  in  the 
PHA  are  in  the  transmission  line,  power  divider  and  phase  shifters  which  depend 


Phased  Array  (PHA)  Power  Requirements 


|— Tr«n«ml»»lon  Lin**  Power  Divider*  — pRha»>  Shtfff  »TOTAL  PHA  [ 
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Discrete  tens  Array  (DLA)  Power  Requirements 
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(b) 

Fig.  2  Power  requirement  as  function  of  number  of  elements  for  (a)  phased  array 
(PHA)  and  (b)  discrete  lens  array  (DLA) 

on  the  number  of  elements,  while  the  most  significant  source  of  loss  in  the  DLA  is 
the  path  loss  in  free  space  that  increases  only  negligibly  with  the  lens  size.  The 
spillover  losses  improve  with  the  size  of  the  DLA,  and  the  transmission  line  loss 
is  generally  small  because  of  short  lengths.  Moreover,  unlike  the  lossy  and  heavy 
dielectric  or  metal-plate  lenses,  planar  lens  arrays  are  fabricated  using  standard 
PCB  technology,  making  them  lightweight,  easy  to  manufacture,  and  easy  to 
optimize  for  large  scan  angles  [4].  The  radiating  elements  on  the  feed-side  and 
radiating-side  of  the  lens  can  be  easily  designed  for  dual  frequency  and  dual 
polarization  operation,  thus  greatly  extending  the  system  capability.  Compared  to 
reflectarrays,  the  DLA  does  not  have  the  feed  blockage  problem,  and  is  less 
sensitive  to  phase  errors  introduced  by  element  and  feed  position  variations. 

Dual-Beam  Discrete  Lens  Array  Design 

The  basic  multi-beam  DLA  architecture  for  transmission  is  shown  in  Fig.  3.  The 
DLA  consists  of  two  arrays  with  transmission  lines  connecting  corresponding 
radiating  elements  on  both  sides  through  coupling  slots.  The  multiple  beams  are 
obtained  with  multiple  spatial  feeds  placed  along  a  focal  surface  on  the  feed  side 
of  the  array  with  each  feed  position  corresponding  to  a  beam  in  a  different 
direction.  In  general,  four  geometric  degrees  of  freedom  can  be  applied  in  lens 
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radiating-side  surface,  (3)  relative  position  of  the  elements  in  the  two  surfaces, 
and  (4)  the  length  of  the  transmission  line  joining  corresponding  elements  in  the 
two  surfaces.  The  planar  discrete  lens  described  in  this  paper  uses  two  degrees  of 
freedom,  namely  (3)  and  (4),  to  achieve  good  off-axis  focusing  with  two  perfect 
focal  points  lying  on  a  focal  arc  or  with  a  cone  of  best  focus  [5].  In  the  design,  the 
transmission  lines  are  of  different  electrical  length  for  each  element  to  provide 
proper  phase  delays  for  equal  path  length  from  the  feed  to  each  element  on  the 
radiating-side  of  the  lens.  The  larger  delay  is  at  the  center  element  to  mimic  an 
optical  lens,  i.e.  thicker  in  the  center  and  thinner  in  the  periphery.  The  radiating 
side  array  is  designed  the  same  way  as  with  traditional  array  where  the 


Fig.  3.  Schematic  of  multi-beam  transmit/receive  lens  array  with  3  beams  : 
a  -  angle  the  feed  made  with  respect  to  the  optical  axis,  0  -  scan  angle 

spacing  and  type  of  element  is  chosen  in  accordance  with  performance 
specifications  such  as  grating  lobes,  sidelobe  levels  and  beamwidth. 

Antenna  element  design :  Fig.  4  (a)  shows  a  dual-frequency  patch  antenna  for 
the  lens  array.  The  antenna,  fabricated  on  15  mil  thick  substrate  with  er  =  6.15 
(Rogers  6006™),  is  designed  to  radiate  two  orthogonal  linearly  polarized  waves 
at  25.4  and  27.4  GHz.  Quarter- wave  transformers  are  used  to  match  the  antenna 
to  50Q  transmission  lines,  which  are  used  to  connect  the  feed-side  patch  with  the 
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A 

25.4  GHz  27.4  GHz 


(a) 


Fig.  4.  Schematic  of  (a)  a  dual-frequency  patch  and  (b)  3-D  view  of  one  element 
showing  slot  coupling  and  orthogonal  polarization  between  the  two  arrays 


corresponding  radiating-side  patch  through  coupling  slots  in  the  ground  planes. 
As  indicated  in  Fig.  4  (b),  the  polarization  of  the  feed-side  and  the  radiating-side 
patches  are  orthogonal  to  each  other  to  improve  polarization  isolation  between  the 
two  arrays.  Fig.5  shows  the  measured  and  simulated  results  for  the  cross  talk  and 
matching  of  four  different  antenna  elements  (Al,  A4,  A5,  A6)  in  the  array. 


Fig.  5.  Measured  and  simulated  cross-talk  (a)  and  matching  (b)  at  the  two  feeds  at 
the  two  feeds  for  different  elements  in  the  array 


Lens  design  :  The  dual-beam  discrete  lens  array  was  designed  for  cone  of  best 
focus  at  0  =  ±  30°  with  symmetry  around  the  z-axis  (0  =  0°)  [5].  Both  the  feed- 
side  and  the  radiating-side  arrays  consist  56  elements,  which  are  arranged  in 
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triangular  lattice  with  O.66X0  horizontal  spacing  and  Xo  vertical  spacing.  The 
spacing  will  provide  enough  space  to  fit  die  antenna  module  and  still  avoid 
grading  lobes  for  feed  placed  at  0  =  +  30°.  By  imposing  two  degrees  of  freedom 
in  the  design  creates  displacements  in  the  relative  position  of  corresponding 
elements  in  the  two  arrays.  As  a  result,  a  transmission  line  layer  buried  between 
the  two  arrays  is  required  to  connect  the  feed-side  element  with  the  radiating-side 
element  through  coupling  slots.  Fig.  6  shows  the  cross-sectional  view  of  the  final 


Fig.  6.  Cross-sectional  view  of  the  multi-layer  DLA  structure 
DLA  structure  which  is  made  up  of  five  metal  layers  and  four  dielectric  layers. 


i-ta-t  -4 b  if.  ^ 

*  At  a  t  L  £  7  £.  n 

*  c HJ  dp  dU  d£j  rt 

fr-  '  tP  nr>  (TP  '  t-'  j  i--:  i- 
T  tr 

CT  J  j  clicL>  J  c4-  J 

{ '0  -P  ftO  fr^>  J 

«  f  S*r»f 

clJclirl  Jcl  Jc  '5 
r^]rr^.-^/c2JclJc2J  £i£L.  ■} 
ctl  r^Jc±/ci/c±JrJ'  Tc±J 

u  f  •’  fA  sJ*  t. 


lv  I 


iJ  a«J  a0  Ja  «.  -  r-J 

(b) 


Fig.  7.  Layout  drawings  of  the  metal  layers:  (a)  feed-side  with  slots,  (b)  buried 
layer  with  transmission  lines  and  slots,  and  (c)  radiating-side  with  slots 


Fig  7  displays  the  layout  drawings  of  the  three  metal  layers.  The  planes  with  slots 
are  ground  planes  where  only  the  slots  are  represented  in  the  drawing  for  clarity. 
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Fine  beam  steering  using  amplitude  control:  Due  to  the  fact  that  the  lens  array 
behaves  like  a  discrete  Fourier  Transform,  amplitude  variation  at  the  feed  in  the 
image  plane  correspond  to  phase  steering  of  the  radiated  beam  in  the  far  field. 
This  is  in  contrary  to  the  conventional  phased  array  approach  where  phase 
steering  is  used  to  achieve  beam  steering.  Fine  beam  steering  can  be  achieved 
with  a  single  variable  gain  element  of  a  2-element  array  feed.  Fig.  8  shows  main- 
lobe  steering  of  ±  2.5°  with  normalized  amplitude  variation  from  1  to  0.1  on  the 
feed. 


Fig.  8.  Simulated  main-beam  position  with  amplitude  variation  for  a 
2-elment  array  feed 


Experimental  Results 

The  56-element  prototype  lens,  fed  spatially  with  two  array  feeds  at  0  =  ±  30°, 


Fig.  9.  Measured  dual-beam  radiation  patterns  at  (a)  24.7GHz,  and  (b)  26.7  GHz 

was  fabricated  and  tested  in  a  far  field  antenna  range.  Each  array  feed  has  two 
input  ports  for  transmit  or  receive  signals  at  the  two  design  frequencies  of  25.5 
and  27.5  GHz.  Fig.9  shows  the  measured  radiation  patterns  at  24.7  and  26.7  GHz. 


The  patterns  exhibit  two  distinct  beams  at  the  ±  30°  scan  angles.  However,  there  is 
a  shift  of  about  3%  in  the  operating  frequencies  with  respect  to  the  design 
frequencies  of  25.5  and  27.5  GHz  due  to  fabrication  tolerances.  Also,  it  is  noticed 
that  the  lower  frequency  patterns  have  unusually  high  sidelobes  that  are  partly 
caused  by  reflection  from  the  array  fixture  and  from  an  array  feed  with  poor 
matching  and  isolation  characteristics.  Covering  all  edges  of  the  array  housing 
with  absorber  did  eliminate  some  reflections,  and  using  an  open  end  waveguide  as 
feeds  produced  significant  improvement  in  the  sidelobe  levels  as  shown  in 
Fig.  10. 


Fig.  10.  Measured  radiation  patterns  at  the  two  frequencies  for  the  lens  with  open 
waveguide  feed. 


Summary 

Planar  discrete  lens  array  features  low  cost,  low  loss,  light-weight,  and  simple 
structure  as  compared  to  other  types  of  multi-beam  array  systems.  In  the  paper, 
design  and  measured  results  of  a  dual-beam,  dual-frequency  DLA  have  been 
presented.  Further,  small  angle  steering  with  amplitude  variations  of  the  feeds 
avoiding  the  use  of  phase  shifter  has  been  demonstrated. 
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Abstract:  A  multiple  beam  (transform)  feed  for  a  phase-scanned  lens  has  the 
desirable  property  of  forming  subarrays  for  the  insertion  of  time  delays 
across  the  large  aperture.  However,  at  certain  scan  angles  and  particular 
frequencies  the  multiple  beam  feed  can  have  a  focus  at  its  front  face.  This 
phenomenon  can  be  unacceptable  when  transmit  amplifiers  are  used  at  this 
location  since  it  requires  that  all  power  be  provided  from  a  few  or  even  a 
single  feed  port.  This  paper  presents  a  procedure  for  defocusing  the  feed  to 
avoid  the  large  dynamic  range  problem  and  spread  the  required  power 
among  a  larger  fraction  of  feed  elements. 

1.  Introduction 

Space  fed  overlapped  subarray  systems  are  an  appropriate  array  architecture  for 
inserting  time  delay  into  very  large  phased  array  systems.  For  arrays  scanned  to 
wide  scan  angles  (say  60°),  time  delays  become  necessary  when  the  required 
fractional  bandwidth  Af/fo  is  more  than  the  array  beamwidth  (in  radians).  This 
paper  addresses  a  recently  uncovered  difficulty  with  such  systems,  one  that  is  of 
major  consequence  if  transmit  modules  are  used  at  the  feed  output  ports. 

Figures  1  through  5  illustrate  the  use  of  time  delayed  subarrays  for  large  arrays 
with  phase  shifters  at  the  array  face.  An  array  with  phase  shifters  alone  forms  its 
beam  at  the  angle  0  whose  sine  is 

u=sin  0  =  (fo  /f  )sin  0o  (1) 

Where  0o  is  the  beam  peak  at  center  frequency  fo  .  If  the  array  is  large,  and  its 
beamwidth  narrow,  then  there  can  be  significant  loss,  called  “  squint  loss”,  due  to 
the  beam  moving  off  of  the  target  direction  at  frequencies  away  from  center 
frequency.  Grouping  elements  into  contiguous  subarrays,  as  shown  in  Figure  1, 
can  reduce  this  squint  loss,  but  can  incur  the  large  quantization  lobes  shown  in  the 
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figure.  Figures  2  and  3  suggest  that  synthesizing  special  pulse-like  subarray 
patterns  can  suppress  these  quantization  lobes  while  simultaneously  reducing  the 
squint  loss.  Figure  4  shows  that  a  space  fed  array  configuration  can  be  used  with  a 
multiple  beam  (or  transform)  feed  to  produce  the  desired  pulse  shaped  subarray 
patterns,  and  then  superimposed  to  form  low  sidelobe  radiated  beams. 

The  geometry  of  Figure  4  is  often  called  a  dual  transform  network  or  overlapped 
subarray  network.  It’s  behavior  is  described  in  several  texts  *’  as  well  as  in 
numerous  journal  articles  In  all  of  the  cited  references,  it  is  assumed  that  the 
array  is  a  passive  network,  or  active  devices  are  placed  at  the  element  level.  The 
objective  lens  is  an  equal  path  length-structure  with  a  cylindrical  back  face,  and  a 
single  focal  point.  The  lens  has  phase  shifters  at  its  front  face,  and  these  are  used 
to  produce  a  progressive  phase  front  that  scans  the  beam  of  the  lens  to  any  desired 
angle  (Go)  with  direction  cosine  uo  =  sin  Go-  For  this  reason  the  objective  lens  is 
referred  to  as  a  “phase-shift’  lens. 

The  objective  lens  is  illuminated  by  a  feed  array  that  is  in  turn  connected  to  a 
“transform”  network,  an  M  x  M  multiple-beam  network  which  might  be  a  Butler 
Matrix,  a  focusing  lens,  or  it  could  be  a  set  of  amplifiers  and  A/D  converters 
followed  by  a  digital  beamformer  that  performs  a  DFT  operation.  Each  of  these 
produces  a  set  of  overlapping  sinc-like  illuminations,  spaced  a  distance  D0  apart 
across  the  main  lens  that  constitute  a  set  of  overlapped  subarrays.  Each  subarray 
radiates  a  pulse  shaped  pattern  with  phase  center  at  the  peak  of  a  sinc-function. 
When  all  of  the  subarrays  are  driven  by  time-delayed  signals,  the  array  forms  a 
beam  that  radiates  in  a  fixed  direction  throughout  a  bandwidth  that  is  roughly 
proportional  to  the  subarray  beamwidth.  Typically  the  achievable  instantaneous 
fractional  bandwidth  is  about  two-thirds  of  the  theoretical  maximum  value  (Do/Ao 
sin  Go)’1. 

Figure  5  shows  several  possible  locations  for  transmit/receive  (T/R)  modules  and 
poses  a  critical  question  that  can  impact  the  utility  of  these  systems.  Since  they  are 
most  often  proposed  for  large  space  arrays,  there  may  be  tens  or  even  hundreds  of 
thousands  of  elements  at  surfaces  “A”  and  “B”  ( in  the  two  dimensional  case). 
Despite  obvious  advantages  of  having  one  module  per  element,  the  cost  of  so 
many  modules  often  precludes  further  consideration  of  this  approach.  Surface  D 
is  not  an  ideal  location  for  T/R  modules  because  of  the  loss  in  the  multiple  beam 
feed  in  addition  to  loss  at  the  objective  lens.  Surface  “C”  appears  to  be  an  ideal 
compromise,  being  closer  to  the  radiating  lens  than  surface  D.  However,  the 
transform  feed  is  usually  placed  with  its  output  elements  along  a  straight  line 
through  the  focus  of  the  objective  lens,  and  this  requires  that  the  feed  be  a  classic 
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multiple  beam  feed.  At  certain  scan  angles  and  frequencies  this  feed  will  have  a 
focus  at  its  front  face.  The  large  variation  in  current  amplitudes  makes  the  array 
output  power  vary  significantly,  with  sometimes  a  single  transmitter  supplying  all 
the  power.  This  may  be  of  little  consequence  if  the  whole  network  is  fed  by  a 
single,  high  powered  transmit  source,  but  it  causes  significant  difficulty  when 
using  modem  solid  state  transmit  modules.  It  is  this  feature,  which  could  be 
described  as  a  dynamic  range  issue,  or  also  as  an  issue  of  net  available  power,  that 
this  work  has  sought  to  address. 

2.  The  Dynamic  Range  Issue 

As  noted  in  the  introduction,  an  obvious  location  for  T/R  modules  is  at  the  front 
of  the  feed  array  (Surface  “C”),  since  this  surface  requires  only  a  modest  number 
of  modules,  and  only  suffers  the  added  power  loss  due  to  signal  passing  through 
the  objective  lens/phase  shifter  combination.  Unfortunately  the  signals  at  this 
surface  undergo  extreme  levels  of  dynamic  range.  The  most  striking  example  is 
the  transmit  case,  when  all  subarrays  are  excited  with  equal  amplitude  and  off 
center  frequency.  One  can  show  that  on  some  i’th  feed  element,  the  largest  value 
of  signal  Ij  occurs  when 
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for  then  Ii=  M.  The  element  indices  i  are  taken  as  integers  or  half  integers, 
according  to  equation  2,  and  centered  about  the  array  center.  In  the  expression 
above,  K=1  for  an  orthogonal  beamforming  feed  (Butler  Matrix)  and  k=r  for  a 
time  delay  lens  (Rotman).  Figures  6 A  and  6B  show  the  currents  Ij  at  several  of 
these  critical  angles  for  M  =  16  and  DoAo  =16  and  r  =f/fo  =  0.975.  The  critical 
angles  are  slightly  different  for  the  two  beamformers  as  indicated  on  the  figure 
and  are  in  accordance  with  equation  2.  The  element  index  number  i  =  5.5  is  the 
only  one  with  signal  for  the  orthogonal  beam  feed  case  (6A),  but  for  the  time 
delayed  lens  (6B)  that  element  has  the  strongest  signal,  but  others  have  small 
residual  signals.  Figures  7A  and  7B  show  the  signals  at  some  elements  -6.5<  i  <  - 
0.5  as  a  function  of  scan  angle  for  and  illustrate  the  repetitive  nature  of  these 
peaks  and  zeros.  The  zeros  are  all  coincident  for  the  orthogonal  feed  case  (Fig  7A) 
and  occur  at  different  values  of  uq  for  the  time  delayed  lens  case.  (Fig  7B). 
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Apart  from  this  illustration  of  the  severe  dynamic  range  and  power  distribution 
problem,  the  figures  also  show  that  the  region  of  peak  amplitude  moves  across  the 
face  of  the  feed  as  the  scan  angle  uo  is  varied,  with  most  intensity  near  the  feed 
array  center  for  small  u0  and  toward  either  array  edge  for  larger  I  u0  I.  Figure  7C 
shows  the  number  of  feed  elements  with  significant  power  as  a  function  of  scan 
angle.  This  illustrates  that  for  most  angles  only  one  of  16  feed  elements  carries 
significant  power. 

These  three  figures  (5,6  and  7)  have  described  the  case  of  uniform  illumination 
which  is  often  the  case  for  a  transmitting  radar.  The  receive  case,  often  using  a 
low  sidelobe  illumination,  has  a  smaller  dynamic  range  at  the  front  face  of  the 

feed. 


3.  Analysis  of  the  Geometry 

Figure  8  shows  the  basic  configuration  and  several  relevant  geometries  that  are 
proposed  as  solution.  Assuming  that  the  objective  lens  has  a  cylindrical  back  face, 
and  the  feed  elements  are  located  at  (y,z)=  (yi,h),  with  reference  to  Figure  8A, 
then  the  distance  from  each  i'th  element  to  some  point  on  the  lens  at  some  angle  <j> 
is 


p. 2  =  F2 +h2  +  y2 + 2Fhcos0-2Fy[  sin^ 


(3) 


Throughout  this  paper  the  above  (near  field)  representation  for  distance  will  be 
used  instead  of  any  far  field  approximation,  because  of  the  short  focal  lengths 
considered.  It  will  be  assumed  that  the  entire  structure  is  enclosed  in  a  parallel 
plane  medium  so  the  problem  is  reduced  to  two  dimensions. 


Assuming  some  excitation  currents  Ij  at  each  i’th  feed  element,  the  currents  at  the 
back  face  of  the  objective  lens  are: 


A(n)  =  YJ1i 


-i^oPi 


(4) 
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where  the  currents  Ij  are  given  by  the  sum  over  the  M  values  of  the  input  signals 
Jm.  Each  input  signal  Jm,  applied  to  the  input  port  of  the  multiple  beam  feed 
produces  a  series  of  currents  Ij(m)  at  the  feed’s  output  ports,  with  i  and  m  integers 
or  half  integers  as  given  below.  These  currents  are  each  weighted  by  the  weights 
Wj(m)  and  summed  to  give  the  total 


m 

(5) 

where 

-jK2a{— 1/ 

Ii(m)  =  Jme 

(6) 

and 

K  =  l  for  an  orthogonal  beam  network  (Butler  Matrix) 

and 

■f 

K = —  =  r  for  a  time  delay  feed  (Rotman  Lens  etc.) 

f 0 

for 

(M-Tj 

2  J 

For  an  N-element  objective  lens,  the  far  field  radiation  is  given: 


/(«) 


(W2  ,  X  ^Z(r  in*-*,*. Wt 

Z  A(n)^ 

n=-(AM)/2 


(7) 


where  the  sin  Go  term  is  due  to  the  phase  shift  that  has  been  added  to  scan  the 
beam  to  Go. 

Equation  4  gives  the  aperture  distribution  An  at  the  back  face  of  the  lens 
corresponding  to  the  total  current  L.  This  expression  is  used  for  all  calculations  of 
radiated  fields.  However,  for  the  purpose  of  determining  the  subarray  signals  Jm,  it 
is  convenient  to  assume  a  far  field  approximation.  For  the  m’th  subarray,  the 
aperture  distribution  on  the  objective  lens  back  face  is  approximately 

(M- 1)/2  jlELdysmtn 

A(n)~  Yj  vvi(m)/.(m)e  A  (8) 

— (W—  0/2 
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where  we  have  defined  the  angle  4>n  such  that  the  location  of  the  n’th  element  on 
the  lens  back  face  is 

yn  =  ndL  =  F  sin#,  (9) 


so 


sin  <pn  = 


nd_L 

F 


and  the  peaks  of  the  A(n)  illumination  for  any  given  “m”  are 

2m 


at 


and 


X  y 


ndr=K 


d  vsin0m  =+2  kK 


m 


M)  dy 


(10) 


The  distance  between  any  two  such  peaks  is  the  distance  between  an  m  th 
subarray  and  an  (m+l)’st  subarray  peak,  or: 


D  =  KF 


A_! 

dy  M 


(11) 


At  center  frequency  (f=fo)  this  spacing  is: 


M  d. 


(12) 


so  D  =  D0  for  a  time  delay  beamformer 

and  D=Do/r  for  an  orthogonal  beamformer  -  (Butler  Matrix). 

The  signals  Jm  are  chosen  to  provide  time  delay  for  each  m’th  subarray,  but  in 
addition  they  need  to  compensate  for  the  phase  shift  already  introduced  across  the 

array. 
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(13) 


This  set  of  subarray  level  input  signals  has  constant  phase  at  center  frequency 
(r=l)  and  at  frequencies  away  from  center  frequency  it  introduces  a  time  delay 
term  while  subtracting  out  the  phases  at  locations  mD0  in  the  main  lens.  While 
this  compensates  exactly  for  the  time  delayed  beamformer  (Rotman  Lens) 
configuration,  it  introduces  a  small  “squint”  error  for  the  orthogonal  beam  (Butler 
Matrix)  feed,  since  those  subarray  centers  are  located  at  mD  across  the  main  lens 
and  their  location  varies  with  frequency.  This  could  be  compensated  for  digitally, 
and  replace  Do  by  Do/r  in  the  above,  but  throughout  this  discussion  the  equation 
13  above  is  used  directly,  and  is  found  to  be  a  good  approximation. 

These  currents  Ii(m)  radiate  to  form  the  desirable  pulse-shaped  subarray  patterns 
for  time  delay  insertion  at  the  subarray  level  by  time-delaying  the  signals  Jm.  The 
steep  skirts  of  the  subarray  patterns  serve  to  suppress  any  grating  lobes  due  to  the 
periodic  quantization.  Figure  2  shows  a  typical  subarray  pattern  formed  by  this 
geometry,  and  the  array  pattern  for  a  256-element  array  with  8  tapered  subarray 
weights. 


4.  Results  using  a  Displaced  Feed 

Figure  8  shows  the  basic  configuration  and  several  relevant  geometries  that  are 
proposed  as  solution.  The  essence  of  the  solution  proposed  here  is  to  move  the 
multi-beam  feed  either  further  from  the  lens  than  the  focal  point  by  the  distance  h 
(h>0  for  case  of  Figure  8B)  or  closer  to  the  lens(  h<0  for  case  of  Figure  8C).  The 
logic  then  is  to  replace  the  multiple  beam  feed  network  by  some  synthesized 
network  that,  on  transmit,  produces  either  an  appropriate  converging  field  (Figure 
8B)  or  a  diverging  field  (Figure  8C).  This  new  network  is  synthesized  on  the  basis 
of  having  good  subarraying  properties,  like  the  network  and  lens  it  replaces.  The 
synthesis  was  conducted  using  an  iterative  alternating  projection  technique.  Figure 
9  outlines  the  procedure  that  is  begun  using  the  complex  weights  A„  in  the 
aperture  that  were  produced  by  the  original  focal  plane  beamformer.  The  far-field 
radiated  pattern  amplitude  is  computed  and  projected  onto  the  space  between  two 
boundary  upper  and  lower  “masks”.  Mu  and  ML.  The  phase  is  initially  constrained 
to  have  the  same  distribution  as  the  phase  of  the  focal  plane  feed,  but  left 
unconstrained  for  later  iterations.  The  resulting  far  field  distribution  is  then 
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inverse  transformed  back  to  the  main  lens,  where  it  is  truncated.  Finally  this 
solution  is  inverted  using  the  LMS  fit  to  the  front  face  of  the  feed  at  its  new 
location.  This  solution  again  is  transformed  using  the  near  field  transform 
(equation  4 )  and  the  procedure  repeated  until  converged.  The  examples  shown  in 
this  paper  are  for  the  geometry  of  Figure  8C. 

The  intention  is  to  synthesize  a  network  that  can  be  implemented  via  digital 
beamformer,  and  in  fact  the  advantage  of  digital  beamforming  is  that  a  different 
set  of  weights  can  be  selected  for  each  subarray,  in  order  to  optimize  performance. 


Figure  10  compares  two  subarray  pattern  amplitudes  for  the  subarray  with  index 
m=-5.5.  The  synthesis  produces  a  pattern  that  is  similar  to  that  of  the  focal  plane 
beamformer,  but  slightly  narrower,  indicating  a  reduced  bandwidth.  Since  this 
synthesis  is  done  digitally,  it  is  convenient  to  synthesize  a  different  set  of  weights 
Wj(m)  for  each  subarray  (m). 

Figure  1 1  compares  the  current  on  element  number  -5.5  (fourth  from  the  left 
edge  of  the  feed)  for  the  focal  plane  beamformer  with  that  of  the  synthesized 
beamformer  for  a  uniformly  illuminated  array.  Both  feeds  show  that  the  current  on 
this  element  peaks  at  negative  scan  angle,  but  the  focal  plane  feed  has  a  much 
narrower  dependence  on  scan  angle,  and  plays  a  role  for  scan  around  -45  . 

Figure  12  shows  the  current  on  feed  elements  for  an  array  with  uniform 
illumination  and  scanned  to  broadside  using  a  time  delay  feed.  Figure  12A  shows 
the  current  using  the  feed  in  the  focal  plane  (h=0),  and  though  broadside  is  not  one 
of  the  critical  angles,  still  most  of  the  power  is  constrained  to  two  elements. 
Figures  12B  and  C  show  amplitude  and  phase  for  the  array  with  the  feed  moved  to 
a  point  closer  to  the  lens  by  4  wavelengths  (h=-4X,)  than  the  focal  point  feed  of 
12A.  This  current  is  spread  out  among  many  more  elements.  12C  shows  the  phase 
controlling  the  diverging  field  on  transmit. 

Figure  13  is  similar  to  12,  but  for  the  uniformly  illuminated  array  scanned  to  57° 
(uo=0.8379),  one  of  the  critical  angles.  The  figure  compares  the  data  of  Figure  6B 
for  the  time  delayed  focal  point  feed,  and  again  shows  that  more  feed  elements 

share  the  power. 

Figure  14  illustrates  that  for  most  of  these  scan  angles,  at  least  5  feed  elements  out 
of  16  carry  significant  power.  This  is  a  substantial  improvement  over  the  1  or  2 
elements  with  the  focal  plane  feed. 
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Figure  15  shows  a  subset  of  element  currents  for  the  focal  plane  and  displaced 
feeds,  in  this  case  for  an  input  weighting  that  corresponds  to  a  low  sidelobe  Taylor 
taper  of  -40  dB.  Again  the  focal  plane  feed  has  significant  current  on  only  two 
elements  at  a  time,  while  there  is  far  more  overlap  for  the  off  axis  synthesized 
beamformer. 

Figure  16  shows  the  number  of  elements  with  significant  power  for  the  focal  plane 
feed  and  the  displaced  feed  with  a  synthesized  beamformer.  For  the  focal  plane 
feed  only  one  or  two  of  the  16  feed  elements  are  used,  while  the  displaced  feed 
uses  four  or  five  elements  except  at  large  scan  angles.  This  advantage  is  not  as 
large  as  for  the  transmit  case,  but  still  significant. 

Figure  17  shows  typical  radiation  patterns  for  the  array  or  256  elements  grouped 
into  16  subarrays  for  insertion  of  time  delay  and  amplitude  weighting.  A  -40  dB 
Taylor  taper  was  chosen,  and  the  network  yielded  near-sidelobes  between  -25  dB 
and  -30  dB  over  the  bandwidth.  These  sidelobe  levels  are  essentially  the  same  as 
for  the  focal  plane  feed  (data  not  shown),  so  the  only  compromise  is  a  small  loss 
in  bandwidth.  The  computed  5  %  bandwidth  corresponds  to  about  a  factor  of  5 
bandwidth  increase  relative  to  the  array  without  time  delays. 

5.  Summary  and  Conclusions: 


This  paper  has  presented  results  of  displacing  the  feed  of  a  dual-transform 
wideband  scanning  systems  in  order  to  avoid  the  dynamic  range  problems 
associated  with  a  focal  plane  feed.  The  focal  plane  feed  is  shown  to  never  use 
more  than  two  elements  out  of  the  16  feed  elements,  while  the  synthesized  feed 
illumination  uses  at  least  four  or  five  of  the  feed  elements  while  producing  good 
subarray  patterns  and  radiation  patterns. 

A  future  task  is  to  examine  the  mutual  coupling  conditions  for  the  feed  elements 
operating  in  the  converging  or  diverging  field  area. 
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Figure  d:  Pattern  of  256  element  array  with  8  tapered 
subarray  weights 
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Figure  3:  Overlapped  subarrays  to  reduce  the  number 
of  time  delays  in  large  arrays  at  wide  scan  angles 
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Figure  ^Overlapped  Subarrays  for  Wideband  Scanning 
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element  current 


•  High  loss  architecture,  6  dB  or  more. 
Where  to  put  amplification  ? 


Phase  Shift 
Lens 


Surface  C 
(T/R  Modules?) 


T/R  modules  (amplification)  at  surface  G  seems  ideal  ! 


Figure  5 


Normalized  Current  on  Feed  Elements 


element  number 

Fig  6A  16  Ele  merit 
Orthogonal  Feed 


Fig  6B  16  Element 
Time  Delayed  Feed 


Figure  6:  Normalized  Current  on  Elements  at  Critical  Angles  with  Focal 
Plane  Beamformef  (hj  =  0)  for  Uniformly  Illuminated  Array  at f =0.975  f0 
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Relative  Current 


Current  on  Elements 


Figure  7:  Normalized  Current  Amplitude  on  Elements  at  f  -  .975  f0  and  with 
Focal  Plane  Beamforrner  {h  =  0)  for  Uniformly  Illuminated  Array 


Figure  7C:  Number  of  Elements  with  Normalized  Power  >0.25  of 
Maximum  Element  Power  (time  delayed  feed  at  focal  plane) 


Figure  8:  Alternative  Subarray  Beamformer  Configurations 


Figure  9:  Alternating  Projection  Method  Used 
to  Optimize  Subarray  Patterns  for  Feed  Beyond  Focal  Plane 
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u  u 

Figure  10A:  focal  plane  beamfonner  Figure  10B:  synthesized  beamfoimer 


Figure  10:  Subarray  Patterns  for  uo=  0.8594  Using  Focal  Plane 
and  Synthesized  Beamformer 


Figll  A:  Focal  Plane  Beamformer  (h=0)  FigllB:  Synthesized  Beamformer  (h  -  -4) 


Figure  1 1 :  Current  on  element  number-5.5  for  |u|<0.9 
using  time  delayed  feed 
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element  current 


Figl2A:  FocalPlane  Beamformer  Figl2B:  Synthesized  Beamformer  (h=  -4) 


element  Number 


Figure  12:  Normalized  Amplitude  and  Phase  of  Current  on  Feed 
Elements  of  Uniformly  Illuminated  Array  at  Broadside 
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Figl  3  A:  Focal  Plane  Beamformer  Figl  3B  Synthesized  Beamformer  (h=  -4) 

Figl3C:  Phase  of  Current 
for  Synthesized  Beamformer  (h=  4) 

element  number 

Figure  13:  Normalized  Amplitude  and  Phase  of  Current  on  Feed 
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relative  current 


Figure  14:  Number  of  Elements  with  Normalized  Power  >0.25 
of  Maximum  Element  Power  for  Array  at  Broadside  and  Uniform  Illumination 
using  a  16  element  time  delay  beamformer 


Figure  15:  Current  Amplitude  on  Elements  with  Focal  Plane 
Feed  (h=  0)  and  Displaced  Beamformer  (h — 4) 

(low  sidelobe  case) 
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Directivity  (dB)( 


Figure  16:  Number  of  Feed  Elements  with  Normalized  Power  >*0.25 
of  Maximum  Element  Power  for  Low  Sidelobe  Array 


R«17A  Figl7B 

Figure  17:  Radiated  Patterns  from  Array  using Displaced  Feed  with  Synthesized 
Beamformer 
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ABSTRACT:  Conventional  adaptive  techniques  generally  deal  with 
antenna  arrays  that  consist  of  omni  directional  isotropic  radiating  elements 
uniformly  spaced.  When  the  uniformity  in  the  spacing  is  relaxed  one  then 
needs  multiple  snapshots  in  estimating  the  complex  amplitude  of  the  signal  of 
interest  (SOI)  arriving  from  a  known  direction  in  the  presence  of  multipaths, 
clutter  and  thermal  noise.  Usually  a  statistical  methodology  is  used  for  the 
adaptive  process  which  makes  it  difficult  to  incorporate  the  various 
electromagnetic  effects  like  mutual  coupling  between  the  elements,  presence 
of  near  Held  scatterers  and  so  on  and  obtain  a  real  time  solution  in  a  dynamic 
environment  where  the  interference  scenario  may  change  from  snap  shot  to 
snapshot. 

The  object  of  this  article  is  to  present  an  adaptive  methodology  that 
can  not  only  deal  with  realistic  antenna  elements  operating  in  a  real 
environment  but  can  also  handle  the  effects  of  mutual  coupling  between  the 
antenna  elements.  In  addition,  one  can  incorporate  in  this  methodology  the 
effects  of  near  field  scatterers  and  use  of  dissimilar  antenna  elements  in  the 
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array.  The  analysis  is  carried  out  by  using  a  dynamic  electromagnetic 
analysis  tool.  In  addition,  an  array  transformation  technique  is  used  to 
mitigate  the  various  complex  electromagnetic  effects  in  a  non-uniformly 
spaced  non-planar  array  in  the  presence  of  the  mutual  coupling  and 
transform  the  problem  to  that  of  a  virtual  linear  array  of  uniformly  spaced 
omni  directional  isotropic  point  radiators  operating  in  free  space.  The 
preprocessed  data  from  the  interpolated  virtual  array  is  analyzed  using  a 
direct  data  domain  least  squares  approach  utilizing  a  single  snapshot  of  data 
to  estimate  the  strength  of  the  signal  of  interest  arriving  from  a  known 
direction  in  the  presence  of  coherent  strong  jammers,  clutter  and  thermal 
noise.  In  addition,  this  methodology  is  quite  amenable  to  real  time 
processing. 

Thus  this  adaptive  methodology  is  split  into  two  parts.  First  one  uses 
an  electromagnetic  analysis  tool  in  conjunction  with  an  interpolation 
algorithm  to  transform  the  induced  voltages  in  the  real  antenna  elements  due 
to  the  presence  of  mutual  coupling  and  near  field  scatterers  to  that  of  a 
virtual  array  containing  isotropic  omni  directional  point  radiators.  Then  a 
direct  data  domain  least  square  method  is  applied  to  the  pre  processed  data 
to  obtain  the  desired  signal  strength  in  the  presence  of  strong  interferes, 
clutter  and  thermal  noise.  Numerical  results  are  represented  to  illustrate  the 
efficiency  and  accuracy  of  this  method.  No  attempt  has  been  made  to  cite  the 
earlier  references;  the  bibliography  provides  a  list  where  supplemental 
information  may  be  available. 


I.  INTRODUCTION 

Adaptive  array  signal  processing  has  been  used  in  many  applications  in  such 
fields  as  radar,  sonar,  wireless  mobile  communication  and  so  on.  One  principle 
advantage  of  an  adaptive  array  is  the  ability  to  recover  the  desired  signal  while 
also  automatically  placing  deep  pattern  nulls  along  the  direction  of  the 
interference. 

In  conventional  adaptive  algorithms,  the  statistical  approach  based  on 
forming  an  estimate  of  the  covariance  matrix  of  the  received  antenna  voltages 
(measured  voltages  at  the  antenna  terminals)  without  the  signal  is  frequently  used. 
However,  these  statistical  algorithms  suffer  from  two  major  drawbacks.  First,  they 
require  independent  identically  distributed  secondary  data  to  estimate  the 
covariance  matrix  of  the  interference.  The  formation  of  the  covariance  matrix  is 
quite  time  consuming  and  so  is  the  evaluation  of  its  inverse.  Unfortunately,  the 
statistics  of  the  interference  may  fluctuate  rapidly  over  a  short  distance  limiting 
the  availability  of  homogeneous  secondary  data.  The  resulting  errors  in  the 
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covariance  matrix  reduce  the  ability  to  suppress  interference.  The  second 
drawback  is  that  the  estimation  of  the  covariance  matrix  requires  the  storage  and 
processing  of  the  secondary  data.  This  simply  cannot  be  accomplished  in  real  time 
for  most  applications. 

Recently,  a  direct  data  domain  algorithm  has  been  proposed  to  overcome 
these  drawbacks  of  a  statistical  technique  [l]-[7].  In  that  approach  one  adaptively 
minimizes  the  interference  power  while  maintaining  the  gain  of  the  antenna  array 
along  the  direction  of  the  signal.  Not  having  to  estimate  a  covariance  matrix  leads 
to  an  enormous  savings  in  memory  and  computer  processor  time  and  makes  it 
possible  to  carry  out  an  adaptive  process  in  real  time.  The  novelty  of  the  proposed 
approach  is  that  we  analyze  the  antenna  systems  as  spatial  filters  instead  of 
treating  them  as  temporal  channels. 

The  use  of  real  antenna  elements  and  not  omni  directional  point  sources 
in  an  actual  antenna  array  will  also  require  an  investigation  into  the  capabilities  of 
the  direct  data  domain  algorithms  to  perform  adaptivity  in  non-ideal  situations 
such  as  in  the  presence  of  mutual  coupling  between  the  elements  of  the  array, 
near-field  scatterers  and  obstacles  located  close  to  the  array.  This  could  also 
involve  the  various  platform  effects  on  which  the  antenna  array  is  mounted. 

Most  adaptive  algorithms  assume  that  the  elements  of  the  receiving  array 
are  independent  isotropic  omni-directional  point  sensors  that  do  not  reradiate  the 
incident  electromagnetic  energy.  It  is  further  assumed  that  the  array  is  isolated 
from  its  surroundings.  However,  in  a  practical  case,  array  elements  have  a  finite 
physical  size  and  reradiate  the  incident  fields.  The  reradiated  fields  interact  with 
the  other  elements  causing  the  antennas  to  be  mutually  coupled.  In  [7],  Adve  and 
Sarkar  observed  that  the  degradation  in  the  capabilities  of  direct  data  domain 
algorithms  and  suggested  ways  to  improve  it  under  some  circumstances. 

In  [8],  [9],  the  authors  compensate  for  the  effects  of  mutual  coupling  by 
relating  the  open  circuit  voltages  (voltages  at  the  ports  of  the  array  as  if  all  were 
open  circuited)  with  the  voltages  measured  at  the  ports  in  an  adaptive  antenna 
array  used  for  direction  of  arrival  (DO A)  estimation.  In  [7],  Adve  and  Sarkar  used 
the  Method  of  Moments  (MOM)  to  analyze  the  antenna  array  in  which  the  entries 
of  the  MOM  impedance  matrix  measure  the  interaction  between  the  basis 
functions,  i.e.,  they  quantize  the  mutual  coupling.  In  these  works  the 
compensation  matrix  is  in  general  considered  to  be  independent  of  the  angle  of 
arrival  of  the  signals.  However,  in  a  more  practical  environment  the  presence  of 
near  field  scatterers  (i.e.  building,  the  structure  on  which  the  array  is  mounted) 
will  have  effects  on  the  array  elements.  The  effects  of  these  near  field  elements 
are  similar  to  the  effects  of  mutual  coupling  between  the  elements  of  the  array. 
These  environmental  scatterers  necessitate  the  development  of  a  compensation 
matrix,  which  depends  on  the  direction  of  arrival  of  signals  including  the 
undesired  ones.  In  this  paper,  we  shall  use  the  measured  steering  vector  in  an 
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interpolation  technique,  which  is  contaminated  by  the  presence  of  near  field 
scatters  as  well  as  by  the  mutual  coupling  between  the  elements  of  the  real  array, 
to  obtain  the  compensation  matrix  for  a  more  accurate  numerical  analysis. 

This  presentation  is  divided  into  two  distinct  parts.  In  the  first  part  we  use 
the  electromagnetic  analysis  along  with  an  interpolation  algorithm  to  transform 
the  voltages  that  are  measured/computed  in  a  real  array  containing  realistic 
antenna  elements  receiving  signals  in  the  presence  of  near  field  scattered  to  a 
uniform  linear  virtual  array  (ULVA)  consisting  of  isotropic  omm  directional  point 
radiators.  In  this  way  we  not  only  take  into  account  the  effects  of  mutual  coupling 
and  the  near  field  scattering  effects  of  the  antenna  array  produced  by  the  signal  ot 
interest  but  also  due  to  the  strong  coherent  interferes  whose  directions  of  amv 
are  unknown.  The  first  stage  preprocesses  the  voltages  induced  m  the  real 
elements  and  transforms  them  to  a  set  of  voltages  that  would  be  induced  in  an 
ULVA  of  isotropic  omni  directional  point  radiators  radiating  in  free  space. 

During  the  second  phase  of  the  processing,  these  transformed  voltages 
induced  in  the  ULVA  are  processed  by  a  direct  data  domain  least  squares  method. 
In  this  phase,  the  goal  is  to  estimate  the  complex  signal  amplitude  given  the 
direction  of  arrival  in  a  least  squares  fashion  when  the  signal  of  interest  (SOI)  is 
contaminated  by  strong  interferes  which  may  come  through  the  main  lobe  ot  the 
array,  clutter  and  thermal  noise.  The  advantage  of  this  methodology  is  that  no 
statistical  description  of  the  environment  is  necessary  and  since  we  are  processing 
the  data  on  a  snapshot-by-snapshot  basis  this  new  technique  can  be  applied  to  a 
highly  dynamic  environment. 

The  article  is  organized  as  follows.  In  section  E  we  formulate  the  problem. 
In  section  IE  we  present  the  transformation  technique  incorporating  mutual 
coupling  effects  between  the  array  elements  and  near  field  scattered.  Section  IV 
describes  the  direct  data  domain  least  squares  approach.  In  section  V  we  present 
simulation  results  illustrating  the  performance  of  the  proposed  method  in  a  real 
environment.  Finally,  in  section  VI  we  present  the  conclusion. 


II.  PROBLEM  FORMULATION 

Consider  an  array  composed  of  N  sensors  separated  by  a  distance  d  as  shown  in 
Figure  1.  We  assume  that  narrowband  signals  consisting  of  the  desired  signal  plus 
possibly  coherent  multipaths  and  jammers  with  center  frequency  f0  are  impinging 
on  the  array  from  various  angles  0 ,  with  the  constraint  0  <  0  <  180  .  For  sake  of 
simplicity  we  assume  that  the  incident  fields  are  coplanar  and  that  they  are  located 
in  the  far  field  of  the  array.  However,  this  methodology  can  easily  be  extended  to 
the  non-coplanar  case  without  any  problem  including  the  added  polarization 

diversity. 
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Figure  1:  A  Linear  Uniform  Array. 


Using  the  complex  envelope  representation,  the  Nxl  complex  vectors  of 
phasor  voltages  [x(t)]  received  by  the  antenna  elements  at  a  single  time  instance  t 
can  be  expressed  by 

x  1  (t)  ' 

[x(t)]=  X2(°  =  I  [a(0k)]sk(t)  +  n(t)  (1) 

:  k=l 

_xn(1). 

where  sk(t)  denotes  the  incident  signal  from  the  k*  source  directed  towards  the 
array  at  the  instance  t.  [a(0>  ]  denotes  the  steering  vector  of  the  array  toward 
direction  0  and  [  n(t)  ]  denotes  the  noise  vector  at  each  of  the  antenna  elements.  It 
is  important  to  note  that  the  array  elements  can  be  dissimilar  and  they  can  be  non 
coplanar  and  may  even  be  non-uniformly  spaced.  Here,  the  angle  0  is  measured 
from  the  broadside  direction  as  shown  in  Figure  1.  We  now  analyze  the  data  using 
a  single  snapshot  of  voltages  measured  at  the  antenna  terminals. 

Using  a  matrix  notation,  (1)  becomes 

[x(t)l  =  [A(0)][s(t)]  +  [n(t)]  (2) 

where  [A(0)]  is  the  N  x  m  matrix  of  the  steering  vectors,  referred  to  as  the  array 
manifold 

[A(0)]  =  [a(0 0  a(02)  .  .  .  a(0m)]  (3) 

In  a  typical  calibration  methodology,  a  far  field  source  sk(t)  is  placed  along  the 
directions  0k  and  then  [x(t)]  is  the  voltage  measured  at  the  feed  point  of  the 
antenna  elements  in  the  array.  Here  [ s(t) ]  is  a  mxl  vector  representing  the 
various  signals  incident  on  the  array  at  time  instance  t.  In  practice,  this  array 
manifold  for  a  real  array  is  contaminated  by  both  effects  of  non-uniformity  in  the 
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individual  elements  and  the  inter  element  spacing  may  also  be  non-uniform  to 
achieve  greater  aperture  efficiency.  Furthermore,  there  are  mutual  couplings 
between  the  antenna  elements  in  the  array,  which  undermine  the  performance  of 
any  conventional  adaptive  signal  processing  algorithm. 

Hence,  our  problem  can  be  stated  as  follows:  Given  the  sampled  data 
vector  snapshot  [x(t>]  at  a  specific  instance  of  time,  how  do  we  recover  the 
desired  signal  arriving  from  a  given  look  direction  while  simultaneously  rejecting 
all  other  interferences  which  may  be  coherent.  Most  signal  processing  techniques 
are  based  on  the  fact  that  a  far-field  source  presents  a  linear  phase  front  at  the 
elements  of  the  antenna  array.  However,  as  we  shall  demonstrate  that  the  non¬ 
uniformity  of  a  real  array  and  the  presence  of  mutual  coupling  between  the 
elements  of  the  real  array  and  scatterers  located  close  to  the  array  undermines  the 
ability  of  any  adaptive  algorithm  to  maintain  the  gain  of  the  array  along  the 
direction  of  the  signal  while  simultaneously  rejecting  the  interferences.  To 
compensate  for  the  lack  of  non-uniformity  of  the  real  array  and  mutual  coupling 
effects,  we  propose  an  interpolation  technique  based  on  the  method  of  least 
squares  which  incorporates  all  the  electromagnetic  coupling  effects  as  outlined  in 
section  m.  With  appropriate  preprocessing  using  Maxwell’s  equations,  any 
adaptive  technique  can  be  applied  to  real  antenna  arrays  located  in  any  arbitrary 
environment.  However,  the  use  of  a  direct  data  domain  least  squares  procedure 
makes  it  possible  to  implement  the  algorithm  in  hardware  and  the  solution  can  be 
obtained  in  almost  real  time. 


III.  AN  ARRAY  TRANSFORMATION  TECHNIQUE  USING 
LEAST  SQUARES  WHICH  ACCOUNTS  FOR  ALL  THE 
ELECTROMAGNETIC  EFFECTS  LIKE  MUTUAL 
COUPLING  AND  PRESENCE  OF  NEAR  FIELD 
SCATTERERS. 

For  the  first  step  of  this  adaptive  method  we  transform  the  voltages  that  are 
induced  in  the  actual  antenna  elements  operating  in  any  environment  to  a  set  of 
equivalent  voltages  that  would  be  induced  in  a  ULVA  consisting  of 
omnidirectional  point  radiators  located  in  free  space.  The  presence  of  mutu 
coupling  between  the  antenna  elements  and  existence  of  near  field  scatterers  also 
disturb  the  capability  of  any  algorithm  to  maintain  the  gain  of  the  array  along  the 
direction  of  the  signal  while  simultaneously  rejecting  the  strong  time  varying 
coherent  interferences.  Hence,  we  need  to  preprocess  the  data  to  account  for  these 
undesired  electromagnetic  effects. 
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The  preprocessing  is  to  compensate  for  the  lack  of  non-uniformity  in  a  real 
array  contaminated  by  the  mutual  coupling  effects  between  the  various  elements. 
The  methodology  is  similar  to  the  one  described  in  [10-12].  The  procedure  is 
based  on  transforming  the  non-uniformly  spaced  array  into  a  uniform  linear 
virtual  array  (ULVA)  consisting  of  isotropic  omnidirectional  point  radiators 
operating  in  vacuum  through  the  use  of  a  transformation  matrix.  Our  basic 
assumption  is  that  electrical  characteristics  of  the  array  corresponding  to  the 
ULVA  can  be  obtained  through  an  interpolation  of  the  real  array,  which  is 
disturbed  by  various  undesired  electromagnetic  couplings.  The  goal  is  to  select 
the  best-fit  transformation,  [T],  between  the  real  array  manifold,  [A(0)] ,  and  the 
array  manifold  corresponding  to  a  uniform  linear  virtual  array  (ULV A)  consisting 
of  isotropic  omnidirectional  point  radiators,  [A(0)] ,  such  that  [T][A(0)]  =  [A(0)] 
for  all  possible  angles  0  within  a  predefined  sector.  In  this  way  we  not  only 
compensate  for  the  various  electromagnetic  effects  associated  with  the  SOI  but 
also  correct  for  the  interactions  associated  with  coherent  strong  interferes  whose 
direction  of  arrival  we  don’t  know.  Since  such  a  transformation  matrix  is  defined 
within  a  predefined  sector,  the  various  undesired  electromagnetic  effects  such  as 
non-uniformity  in  spacing  and  mutual  coupling  between  the  elements  and 
presence  of  near  field  obstacles  for  an  array  is  made  independent  of  the  angular 
dependence. 

The  following  is  a  step-by-step  description  of  what  needs  to  be  done  to 
obtain  the  transformation  matrix  [T]  that  will  transform  the  real  array  manifold 
which  is  disturbed  by  various  undesired  electromagnetic  effects  such  as  mutual 
coupling  and  various  near  field  effects  to  that  of  a  ULVA. 

(1)  The  first  step  in  designing  the  ULVA  is  to  divide  the  field  of  view  of 

the  array  into  Q  sectors.  If  the  field  of  view  is  180°,  it  can  be  divided  into  6 
sectors  of  30°  each.  Then,  one  of  the  q  sectors  is  defined  by  the  interval 
[0q,0q+l  J,  for  q  =  1, 2, ....  Q.  Or  equivalently,  only  one  sector  of  180°  extent  can 

also  be  used.  In  that  case  Q  =  1. 

(2)  Next  we  define  a  set  of  uniformly  defined  angles  to  cover  each  sector: 

[0q]  =  Leq,  Gq+A,  0q  +  2  A  ,  .  .  .,  0q+iJ  (4) 

where  A  is  the  angular  step  size. 

(3)  We  measure/compute  the  steering  vectors  associated  with  the  set  [  0?  ] 

for  the  real  array.  This  is  done  by  placing  a  signal  in  the  far  field  for  each  angle  of 
arrival 0q,  0q  +A,0q  +2A ,....,  0q+1.  The  measured/computed  vector  is  different 

from  the  ideal  steering  vector,  which  is  devoid  of  any  undesired  electromagnetic 
effects  like  the  presence  of  the  mutual  coupling  between  the  non-uniformly 
spaced  elements  and  other  near  field  coupling  effects.  Then,  we  obtain  either 
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through  measurement  or  using  an  electromagnetic  analysis  tool  like  WIPLD  [13], 
to  obtain  the  measured  voltages  at  the  antenna  elements  from: 

[Aq  (0q )]  =  [a(0q),  a(9q+A)  .  .  .  a(0q+1)]  (5) 

This  can  either  be  actually  measured  or  simulated  and  includes  all  the  undesired 
electromagnetic  coupling  effects.  Hence,  each  column  of  [Aq(Oq)]  represents 

the  relative  signal  strength  received  at  each  of  the  antenna  elements  for  an 
incident  signal  arriving  from  the  angular  direction  0q.  The  elements  of  the  matrix 
are  a  function  of  only  the  incident  angle  of  an  incoming  plane  wave  within  that 

predefined  sector.  . 

(4)  Next  we  fix  the  virtual  elements  of  the  interpolated  array.  We  always 

assume  that  the  ULVA  consists  of  omni-directional  isotropic  sources  radiating  in 
free  space.  We  denote  by  the  section  of  the  array  manifold  of  the  virtual  array 

obtained  for  the  set  of  angles  0? : 

[Aq(0q)]  =  |a(0q),  a(0q+A),  .  •  •  a(0q+1)J  (6) 

where  a(0)  is  a  set  of  theoretical  steering  vectors  corresponding  to  the  uniformly 

spaced  linear  array.  ^  , 

(5)  Now  we  evaluate  the  transformation  matrix  [Tq]  for  the  sector  Q  such 

that  [Tq]  [A(0q)]  =  [  A(0q )]  using  the  least  squares  method.  This  is  achieved  by 
minimizing  the  functional 

min|[Aq]-[Tq][Aq]|.  <T> 

T<1 

In  order  to  have  a  unique  solution  for  (7),  the  number  of  direction  vectors 
in  a  given  sector  must  be  greater  than  or  equal  to  the  number  of  the  elements  of 
array.  The  least  square  solution  to  (7)  is  given  by  [14] 

[T]  =  [  A(0q  )]  [A(0q  )]H  { [( A(0q  )]  [ A(0q  )]H  F1  •  (g) 

where  the  superscript  H  represents  the  conjugate  transpose  of  a  complex  matrix. 
Computationally  it  is  more  efficient  and  accurate  to  carry  out  the  solution  of  (7) 
through  the  use  of  the  Total  Least  Squares  implemented  through  the  Singular 

Value  Decomposition  [15].  .  . 

The  transformation  matrix  needs  to  be  computed  only  once  a-pnon  tor 
each  sector  and  the  computation  can  be  done  off-line.  Hence,  once  [T]  is  known 
we  can  compensate  for  the  various  undesired  electromagnetic  effects  such  as 
mutual  coupling  between  the  antenna  elements,  including  the  effects  of  near  field 
scatterers,  as  well  as  non-uniformity  in  the  spacing  of  the  elements  in  the  real 
array  simultaneously.  The  transformation  matrix  [T]  is  thus  characterized  within 
the  predefined  angle.  However,  if  there  is  only  one  sector,  i.e,  Q  =  1,  then  there 
will  be  only  one  transformation  matrix  [T]. 
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(6)  Finally,  using  (8),  one  can  obtain  the  corrected  input  voltages  in  which 
all  the  undesired  electromagnetic  effects  are  accounted  for  and  the  measured 
snapshot  of  the  voltages  are  transformed  to  that  which  will  be  obtained  for  a 
ULVA.  Let  that  set  be  denoted  by  [xc(t)].  Its  value  can  be  obtained  through 

[xc(t)]  =  [T][x(t)]  (9) 

Once  (9)  is  obtained,  we  can  apply  the  direct  data  domain  algorithms  to 
the  preprocessed  corrected  voltages  [  xc  (t)  ]  without  any  significant  loss  of 

accuracy. 

Next  a  direct  data  domain  least  squares  algorithm  is  now  applied  to  the 
processed  voltage  sets  [  xc  (t)  ]  to  obtain  the  complex  amplitude  corresponding  to 
the  signal  of  interest  in  a  least  squares  fashion. 


IV.  THE  DIRECT  DATA  DOMAIN  LEAST  SQUARES 
PROCEDURE 

Let  us  assume  that  the  signal  of  interest  (SOI)  is  coming  from  the  angular 
direction  0d  and  our  objective  is  to  estimate  its  complex  amplitude  while 
simultaneously  rejecting  all  other  interferences.  The  signal  arrives  at  each  antenna 
at  different  times  dependent  on  the  direction  of  arrival  of  the  SOI  and  the 
geometry  of  the  array.  We  make  the  narrowband  assumption  for  all  the  signals 
including  the  interferers.  At  each  of  the  M  antenna  elements,  the  received  signal 
given  by  (9)  is  a  sum  of  the  SOI,  interference,  and  thermal  noise.  The  interference 
may  consist  of  coherent  multipaths  of  SOI  along  with  clutter  and  thermal  noise. 
Here  we  model  clutter  as  a  bunch  of  electromagnetic  waves  coming  through  an 
angular  sector.  Hence,  this  model  of  clutter  does  not  require  any  statistical 
characterization  of  the  environment  [1-7].  Therefore,  we  can  reformulate  (9)  as 

[x(t)]  =  [§d]+  £  spa(0p)  +  [n(t)]  (10) 

p=l 

where  sp  and  0p  are  the  amplitude  and  direction  of  arrival  of  the  p*  interference, 

respectively  and  sd  is  the  SOI.  If  0<j  is  the  assumed  DO  A  of  the  SOI,  then  we  can 
represent  the  received  voltage  solely  due  to  the  desired  signal  at  the  k*  sensor 
element  as 

sd=sd(t)e^ed)  (11) 

The  strength  of  the  SOI,  sd(t) ,  is  the  desired  unknown  parameter  which  will  be 

estimated  for  the  given  snapshot  at  the  time  instance  t.  \|/(0d)  does  not  provide  a 
linear  phase  regression  along  the  elements  of  the  real  array,  when  the  elements 
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deviate  from  isotropic  omni  directional  point  sensors.  This  deviation  from  phase 
linearity  undermines  the  capabilities  of  the  various  signal-processing  ^g™115* 
For  a  conventional  adaptive  array  system  we  can  now  estimate  the  SOI  by  a 
weighted  sum  given  by 

y(t)=  Swkxk(t)  (12) 

k=l 

or  in  a  compact  matrix  form  as 

(y(t)]  =  [W]T[X]  =  [X]T[W],  (13) 

where  T  denotes  the  transpose  of  a  matrix.  The  two  vectors  [W]  and  [X]  are  given 


by 

[W] T  =  [w  i  w  2  .  .  •  •  •  wK],  (14) 

[X] T  =  [xi  x2 . **]•  (15) 

Let  [V]  be  a  matrix,  whose  elements  comprise  of  the  complex  voltages 

measured  at  a  single  time  instance  t  at  all  the  M  elements  of  the  array 
simultaneously.  The  received  signals  may  also  be  contaminated  by  thermal  noise. 
Let  us  define  another  matrix  [S]  whose  elements  comprise  of  the  complex 
voltages  received  at  the  antenna  elements  of  the  ULVA  due  to  a  signal  of  unity 
amplitude  coming  from  the  desired  direction  0d.  However,  the  actual  complex 
amplitude  of  the  signal  is  a  which  is  to  be  determined.  Then  if  we  form  the  matrix 
pencil  using  these  two  matrices,  we  have 

^  [v]  —  a  [s]  (16> 


where 


[V] 


Xi  x2  -  xK 
x2  X3  ...  XK+1 

XK  XK+1  —  xMJkxK 


(17) 


sdi  sd2  —  sdK 

Sd2  Sd3  ...  SdK+1  (18) 


sdK  sdK+l  *'•  SdMJKxK 

represent  only  the  undesired  signal  components.  The  difference  between  each  of 
the  elements  of  { [v]  -  a  [s] }  represents  the  contribution  of  all  the  undesired 
signals  due  to  coherent  mutipaths,  interferences,  clutter  and  thermal  noise  (i.e.,  all 
undesired  components  except  the  signal).  It  is  assumed  that  there  are  K  equivalent 
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interferers  and  so  the  number  of  degrees  of  freedom  is  K  —  (M  — 1)/2 .  One  could 
form  the  undesired  noise  power  from  (16)  and  estimate  a  value  of  a  by  using  a 
set  of  weights  [W],  which  minimizes  the  noise  power.  This  results  in  [1-7] 

([V] _  a  [S])  [W]  =  [0]  (19) 

Alternately,  one  can  view  the  left-hand  side  of  (19)  as  the  total  noise  signal  at  the 
output  of  the  adaptive  processor  due  to  interferences  and  thermal  noise: 

[Nout]  =  [R][W]  =  ([V]-a|s])[w]  (20) 

Hence,  the  total  undesired  power  would  be  given  by 

(P»„tei,e<l]  =  [wri([v]-cl^H{[v]-a^Mw]  (21) 

where  the  superscript  H  denotes  the  conjugate  transpose  of  a  matrix.  Our 
objective  is  to  set  the  undesired  power  to  a  minimum  by  selecting  [w]  for  a  fixed 
signal  strength  a.  This  yields  the  generalized  eigenvalue  equation  given  by  (19). 
Therefore, 

[V]  [W]  =  <z[S]  [W]  (22) 

where  a ,  the  strength  of  the  signal  is  given  by  the  generalized  eigenvalue  and  the 
weights  [W]  are  given  by  the  generalized  eigenvector.  Even  though  (22) 
represents  a  K  x  K  matrix,  the  matrix  [S]  is  only  of  rank  one.  Hence,  (22)  has  only 
one  eigenvalue  and  that  generalized  eigenvalue  is  the  solution  for  the  SOI. 

For  real-time  applications,  it  may  be  computationally  difficult  to  solve  the 
reduced  rank  generalized  eigenvalue  problem  in  an  efficient  way,  particularly  if 
the  dimension  K  -  the  number  of  weights  is  large.  For  this  reason  we  convert  the 
solution  of  a  nonlinear  eigenvalue  problem  in  (22)  to  the  solution  of  a  linear 
matrix  equation. 

We  observe  that  the  first  and  the  second  elements  of  the  matrix  [R]  in  (20) 
is  given  by 

R(l)  =  x1-asdl  (23) 

R(2)=x2-asd2  (24) 


where  xjand  x2  are  the  voltages  received  at  the  antenna  elements  1  and  2  due  to 
the  signal,  interferences  and  thermal  noise,  whereas  sdj  and  sd2  are  the  values  of 
the  signals  only  at  the  same  elements  due  to  an  assumed  incident  signal  of  unit 
strength. 

Define 


Z 


(25) 


where  0d  is  the  angle  of  arrival  corresponding  to  the  desired  signals.  Then 


R(l)  -  Z“'R(2)  contains  no  components  of  the  signal  as 
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Sdl  =  expj^ j2x Ysin0d  j  with  i  =  1 
sd2  =  expert y-sinQdj  with  i  =  2 


(26) 

(27) 


Therefore  one  can  form  a  reduced  rank  matrix  [u](K-i)xK  generated  from  [r] 
such  that 

Xi~z~lx2  x2-z"1x3  •••  xK-z-‘xK+i 


[U]= 


Xr-1  —  Z  *Xk  X^-Z 


Xf|-i  —Z  ^Xjsf 


[0] 


(K-l)xK 


(28) 


In  order  to  make  the  matrix  full  rank,  we  fix  the  gain  of  the  subarray  by  forming  a 
weighted  sum  of  the  voltages  X^WjXj  along  the  direction  of  arrival  of  the  SOI. 
Let  us  say  the  gain  of  the  subarray  is  C  in  the  direction  of  0d .  This  provides  an 


1 

ZK~1 

'Wi  ' 

c" 

X^Z^Xj 

XK-Z_1XK+1 

w2 

= 

0 

«  • 

•  * 

XK-1-Z_1Xk  *" 

XM-1  -z  !Xm. 

KxK 

WK 

Kxl 

0 

(29) 


Kxl 


or,  equivalently. 


(30) 


[F][W]=  [Y]. 

Once  the  weights  are  solved  by  using  (30),  the  signal  component  a  may  be 
estimated  from 

a=iSw,x,  <31) 

C  j=l 

The  proof  of  (29)-(31)  is  available  in  [1].  As  noted  in  [1],  (29)  can  be  solved  very 
efficiently  by  applying  the  FFT  and  the  conjugate  gradient  method,  which  may  be 
implemented  to  operate  in  real  time  utilizing,  for  example,  a  DSP32C  signal 

processing  chip  [16].  .  ,. 

So  for  the  solution  of  [f][w]=  [y]  in  (30),  the  conjugate  gradient 

method  starts  with  an  initial  guess  [w]0for  the  solution  and  lets  [16] 

[P]  o=  -b-i[F]H[R]0=  -b-i  [F]H{[F][W]0-  [Y),  (32) 

At  the  n111  iteration  the  conjugate  gradient  method  develops 
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The  norm  is  defined  by 


1 

tn  *“  O 

(33) 

1  [pl[p]„| 

[w]n+i  =  [w]n+tn[p]n 

B^-ln+1  =  +  *n  [zIP]n 

b  _  1  _ 

(34) 

(35) 

(36) 

|[F]H[R]„+,f 

(37) 

|[F][P]n|2=[P]«[F]H[F][P]„ 

(38) 

ii  ii 

The  above  iterative  procedures  continue  until  the  error  criterion  is  satisfied.  In  our 
case,  the  error  criterion  is  defined  by 

....  | MW.  -  frj 


a. 


(39) 


where  a  denotes  the  number  of  effective  bits  of  data  associated  with  the  measured 
voltages.  Hence,  the  iteration  is  stopped  when  the  normalized  residuals  are  of  the 
same  order  as  the  error  in  the  data.  The  computational  bottleneck  in  the 
application  of  the  conjugate  gradient  method  is  to  carry  out  the  various  matrix 
vector  products.  That  is  where  the  FFT  comes  in  as  the  equations  involved  has  a 
Hankel  structure  and  therefore  use  of  the  FFT  reduces  the  computational 

complexity  by  an  order  of  magnitude  without  sacrificing  accuracy  [17]. 

The  advantage  of  using  the  conjugate  gradient  method  is  that  the  iterative 
solution  procedure  will  converge  even  if  the  matrix  [F]  is  exactly  singular.  Hence, 
it  can  be  used  for  real  time  implementations.  Secondly,  the  number  of  iterations 
taken  by  the  conjugate  gradient  method  to  converge  to  the  solution  is  dictated  by 
the  number  of  independent  eigenvalues  of  the  matrix  [F].  This  often  translates 
into  the  number  of  dominant  signal  components  in  the  data.  So,  the  conjugate 
gradient  method  has  the  advantage  of  a  direct  method  as  it  is  guaranteed  to 
converge  after  a  finite  number  of  steps  and  that  of  an  iterative  method  as  the 
round  off  and  the  truncation  errors  in  the  computations  are  limited  only  to  the  last 


stage  of  iteration. 

Next  we  illustrate  how  to  increase  the  degrees  of  freedom  associated  with 
(30).  It  is  well  known  in  the  parametric  spectral  estimation  literature  that  a 
sampled  sequence  can  be  estimated  by  observing  it  either  in  the  forward  direction 
or  in  the  reverse  direction  [1-7].  This  we  term  as  the  backward  model  as  opposed 
to  the  forward  model  just  outlined.  If  we  now  conjugate  the  data  and  form  the 
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reverse  sequence,  then  we  get  an  equation  similar  to  (29)  for  the  solution  of 


weights  Wm: 


1  z  -  zK-J 

Wj  ‘ 

c' 

Xm  -  Z^Xm-I  XM4  -  Z_1Xm-2  *  * ' ■  X  K  -  Z_,X*K+1 

w2 

= 

0 

_XK+1  -  XK  XK-XK-1  -  Xj-Z-^J  . 

KxK 

WK 

Kxl 

0 

(40) 


where  *  denotes  the  complex  conjugate,  or  equivalently 

[B][W]=  [Y]  (41) 

The  signal  strength  a  can  again  be  determined  by  (31),  once  (40)  is  solved  for  the 
weights.  C  is  the  gain  of  the  antenna  array  along  the  direction  of  the  arrival  of  the 
signal. 

Note  that  in  both  cases  of  equations  (30)  and  (41)  [F]  and  [B],  K  — (M  +  l)/2, 
where  M  is  the  total  number  of  antenna  elements.  So  we  now  increase  the  number 
of  weights  significantly  by  combining  the  forward-backward  model.  In  this  way 
we  double  the  amount  of  data  by  not  only  considering  the  data  in  the  forward 
direction  but  also  conjugating  it  and  reversing  the  increment  direction  of  the 
independent  variable.  This  type  of  processing  can  be  done  as  long  as  the  series  to 
be  approximated  can  be  fit  by  exponential  functions  of  purely  imaginary 
argument.  This  is  always  true  for  the  adaptive  array  case.  There  is  an  additional 
benefit.  For  both  the  forward  and  the  backward  method,  the  maximum  number  of 
weights  we  can  consider  is  given  by  (M  —  l)/2,  where  M  is  the  number  of  antenna 
elements.  Hence,  even  though  all  the  antenna  elements  are  being  utilized  in  the 
processing,  the  number  of  degrees  of  freedom  available  is  essentially  half  as  that 
of  the  number  of  antenna  elements.  For  the  forward-backward  method,  the 
number  of  degrees  of  freedom  can  be  significantly  increased  without  increasing 
the  number  of  antenna  elements.  This  is  accomplished  by  considering  the  forward 
and  backward  version  of  the  array  data.  For  this  case,  the  number  of  degrees  of 
freedom  N  can  reach  (M  +  0.5)/1.5.  This  is  approximately  equal  to  50%  more 
weights  or  numbers  of  degrees  of  freedom  than  the  two  previous  cases.  The 
equation  that  needs  to  be  solved  for  the  weights  in  the  combined  forward- 
backward  model  is  obtained  by  combining  (29)  and  (40)  into 
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X2-Z"1X3 
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xN-z  lxN+1 


Xm-1“Z  *xm 
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1 

...  $ 
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Nxl  - 

c 

0 

0 


NxN 


(42) 


or,  equivalently, 

[u][w]=  [y]  (43) 

Once  the  increased  degrees  of  freedom  are  used  to  compute  the  weights  the 
complex  amplitude  for  the  signal  of  interest  is  determined  from  equation  (31) 
where  in  the  summation  K  is  replaced  by  the  new  degrees  of  freedom  N.  Also  as 
before  the  matrix  [U]  now  has  a  block  Hankel  structure. 

This  illustrates  how  the  direct  data  domain  least  squares  approach  can  be 
implemented  in  real  time  by  using  single  snapshots  of  data. 


V.  NUMERICAL  EXAMPLES 


In  this  section  we  illustrate  the  above  principles  through  some  numerical 
simulations. 

1.  Application  in  the  absence  of  the  mutual  coupling:  As  a  first  example 
consider  a  signal  of  unit  amplitude  arriving  from  0S  =  0° .  We  consider  a  17- 
element  array  of  element  spacing  of  X/2  as  shown  in  Figure  1.  The  magnitude  of 
the  incident  signal  is  varied  from  1  V/m  to  10.0  V/m  in  steps  of  0.1  V/m  while 
maintaining  the  jammer  intensities  constant,  which  are  arriving  from  -50°, 

-30°, 30°.  The  signal-to-thermal  noise  ratio  at  each  antenna  element  is  set  at  20 
dB.  All  signal  intensities  and  directions  of  arrival  are  summarized  in  Table  L 
Here,  we  assume  that  we  know  the  direction  of  arrival  of  the  signal  but  need  to 
estimate  its  complex  amplitude. 

If  the  jammers  have  been  nulled  correctly  and  the  signal  recovered 
properly,  it  is  expected  that  the  recovered  signal  have  a  linear  relationship  with 
respect  to  the  intensity  of  the  incident  signal.  Figure  2  plots  the  results  of  using 
the  direct  data  domain  approach  presented  in  Section-fflI.  The  magnitude  and  the 
phase  are  shown.  As  can  be  seen,  this  magnitude  displays  the  expected  linear 
relationship  and  this  phase  has  been  varied  within  very  small  value.  The  beam 
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pattern  associated  with  this  example  is  shown  in  Figure  3.  Here,  we  set  the 
magnitude  of  the  desired  signal  to  be  1  V/m  and  the  other  parameters  are  as  given 
Table  L  The  nulls  are  deep  and  occur  along  the  correct  directions. 


Table  I 

Parameters  of  the  Incident  Signals 


Magnitude 

Phase 

DOA 

Signal 

1.0  - 10.0  V/m 

0.0 

o°  1 

Jammer  #1 

1.0  V/m 

0.0  | 

-50“ 

Jammer  #2 

1.0  V/m 

0.0 

-30“ 

Jammer  #3 

1.0  V/m 

0.0 

20“ 

g  o.i 

CD 


<J) 


Intensity  of  the  input  signal 


Figure  2:  Estimation  of  the  Signal  of  Interest  (SOI)  in  the  presence  of  jammers 

and  thermal  noise. 
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Figure  3:  Adapted  Beam  Pattern  in  the  presence  of  the  jammers  and  thermal 

noise. 

For  the  second  example,  the  intensity  of  the  jammer  signal  is  varied  from  1  V/m 
to  1000  V/m  in  steps  of  10  V/m  while  the  intensity  of  the  desired  signal  is  fixed  at 
1  V/m.  All  signals  intensities  and  directions  of  arrival  are  summarized  in  Table  H 
The  signal-to-thermal  noise  ratio  at  each  antenna  element  is  set  at  20  dB. 


Table  II 

Parameters  for  the  SOI  and  Interference 


Magnitude 

Phase 

DOA 

Signal 

1.0  V/m 

o.o  1 

0° 

Jammer  #1 

1  V/m 

0.0 

0 

o 

in 

1 

Jammer  #2 

1  V/m 

0.0 

-30” 

Jammer  #3 

1-1000  V/m 

0.0 

20° 

Figure  4  shows  the  results  of  using  the  direct  data  domain  approach.  The 
fluctuations  of  the  magnitude  and  phase  of  the  estimated  signal  are  very  small 
even  when  there  is  a  very  strong  interference. 
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Figure  4:  Estimation  of  the  reconstructed  signal  in  the  presence  of  the  strong 

jammer. 


The  beam  pattern  associated  with  this  adaptive  system  when  the  field 
strength  of  the  strong  jammer  is  500  V/m  is  shown  in  Figure  5.  This  demonstrates 
that  the  strong  jammer  has  been  suppressed  enough  so  as  to  recover  the  proper 
amplitude  of  the  signal. 

2  Application  in  the  presence  of  the  mutual  coupling:  Next  we  consider  a 
semi  circular  array  consisting  of  half  wave  dipoles  as  shown  in  Figure  6.  It 
consists  of  24  half-wave  thin-wire  dipole  antenna  elements.  Each  element  is 
identically  loaded  at  the  center  by  50Q .  The  radius  of  the  semicircular  array  is 

X  .  x 

3.82  wavelength.  The  dipoles  are  z-directed,  of  length  L  =  —  and  radius  r  =  ^  > 

where  X  is  the  wavelength  of  operation.  The  details  of  the  semi  circular  are 
presented  in  Table  HI. 
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Figure  5:  Adapted  Beam  pattern  in  the  presence  of  the  jammers. 

Semicircular  array  (SCA) 


Figure  6:  A  Semicircular  Array. 
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Table  HI 

Physical  sizes  of  the  elements  for  the  semicircular  array. 


Number  of  elements  in  semicircular  array 

24 

[  Length  of  z-directed  wires 

A/2 

[  Radius  of  wires 

A/200 

Loading  at  the  center 

50  Q. 

Then,  as  described  in  section  IV,  the  real  array  is  interpolated  into  a 
ULVA  consisting  of  M  =  17  isotropic  omni-directional  point  sources  separated  by 
a  distance  d/A.  Typically  d  is  chosen  to  be  close  to  A/2.  By  choosing  the 
reference  point  of  the  ULVA  at  the  center  of  the  real  array,  the  steering  vectors 
associated  with  the  virtual  array  are  given  by 


a(0)  = 


j27ckd 


sin0 


j2rc2d 


sin0 


j27cd 


-iT 


sin0 


j2rcd 


sin0 


j2rc2d 


sin0 


j27rkd 


sin0 


(44) 


The  distance  d  between  the  elements  of  the  ULVA  was  chosen  to  be  0.4775  A . 
The  incremental  size  A  in  the  interpolation  region,©  =  |r0q>0q+i  J=  b" 60,60  J,  is 

chosen  to  be  1* .  In  this  case  Q  =  1.  The  sector  chosen  here,  for  example,  is  of 
120°  symmetrically  located.  Then,  a  set  of  real  steering  vectors  are  computed  for 
the  sources  located  at  each  of  the  angles  0q,  0q  +  A, 9q +2A ,....,  0q+1.  The 
computed  vector  [  a(0)  ]  is  then  distorted  from  the  ideal  steering  vector  due  to  the 
presence  of  mutual  coupling  between  the  elements  of  the  real  array.  The  actual 
steering  vectors  having  all  the  undesired  electromagnetic  effects  are  computed 
using  WIPL-D  [13].  Then,  using  (8)  we  obtain  the  transformation  matrix  to 
compensate  for  the  effects  of  non-uniformity  in  spacing  and  the  presence  of 
mutual  coupling  between  the  elements  of  the  real  array.  Finally,  using  (43),  we 
can  obtain  the  corrected  input  voltage  in  which  the  non-uniformity  in  spacing  and 
mutual  coupling  effects  are  eliminated  from  the  actual  voltage. 

Next,  the  magnitude  of  the  incident  SOI  is  varied  from  1  V/m  to  10.0  V/m 
in  steps  of  0.01  V/m  while  maintaining  the  jammer  intensities  constant,  which  are 
arriving  from  -20°,  10°,  40°,  50°.  The  signal-to-thermal  noise  ratio  at  each 
antenna  element  is  set  at  20  dB.  All  signals  intensities  and  directions  of  arrival  are 
summarized  in  Table  IV  and  are  given  by 
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Table  IV 

Parameters  of  the  Signals 


Magnitude 

Phase 

DOA 

Signal 

1.0  - 10.0  V/m 

0.0 

10s 

Jammer  #1 

1.0  V/m 

0.0 

-20° 

Jammer  #2 

1.0  V/m 

0.0 

40° 

Jammer  #3 

1.0  V/m 

0.0 

o 

o 

in 

Figure  7-(a):  Estimation  of  the  SOI  without  compensating  for  mutual  coupling. 


If  the  jammers  have  been  nulled  correctly  and  the  SOI  recovered  properly, 
it  is  expected  that  the  recovered  signal  will  have  a  linear  relationship  with  respect 
to  the  intensity  of  the  incident  signal,  implying  that  the  various  electromagnetic 
effects  have  been  properly  accounted  for.  The  estimate  for  the  SOI  in  Figure  7-(a) 
shows  that  the  mutual  coupling  between  the  elements  of  the  real  array  undermines 
the  performance  of  the  direct  data  domain  approach  if  the  various  electromagnetic 
effects  are  not  accounted  for.  Figure  7-(b)  illustrates  the  superiority  of  the  results 
when  the  direct  data  domain  least  squares  approach  is  used  after  preprocessing  the 
data  to  take  into  account  the  various  mutual  coupling  effects.  The  estimated 
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amplitude  and  the  phase  for  the  SOI  are  shown  in  Figure  7(b).  Here,  the  amplitude 
displays  the  expected  linear  relationship  and  the  phase  changes  very  little  from 
zero  degrees. 


Figure  7-(b):  Estimation  of  SOI  after  compensating  for  the  mutual  coupling. 

The  beam  patterns  associated  with  this  example  are  shown  in  Figure  8-(a), 
(b)  Here,  we  set  the  amplitude  of  the  SOI  to  be  1  V/m  and  the  other  parameters 
are  as  given  Table  IV.  Figure  8-(b)  illustrates  that  the  nulls  are  deep  and  are 
located  along  the  correct  directions.  This  indicates  that  the  two  step  procedure 
illustrated  in  this  article  have  properly  modeled  the  real  environment  nulling  the 
relevant  interferes.  However,  we  see  that  in  Figure  8-(a)  the  nulls  in  the  beam 
pattern  are  shallow  and  are  displaced  from  their  desired  locations,  as  the 
undesired  electromagnetic  effects  have  not  been  properly  taken  into  account. 

Hence,' in  this  case  the  SOI  cannot  be  recovered. 

For  the  final  example  we  consider  the  effects  of  large  near  field  scatterers 
located  close  to  the  semicircular  array.  As  shown  in  Figure  9,  there  is  a  large 
structure  located  within  a  distance,  which  is  5  times  the  radius  of  the  semicircular 
array  and  is  oriented  located  along  the  direction  of  -20°.  The  width  of  the 
structure  is  7.26  wavelengths  and  its  height  is  15.28  wavelengths.  Hence,  the 
semicircular  array  and  the  scatterer  have  strong  electromagnetic  coupling  in 
addition  to  the  presence  of  mutual  coupling  between  the  elements.  We  again 
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consider  the  case  of  four  incoming  signals  from  -20,  10, 40,  50° .  The  parameters 
for  the  desired  signal  and  the  jammers  are  summarized  in  Table  IV. 


Semicircular  Array 


Virtual  Array 


Figure  9:  A  Semicircular  Array  operating  in  the  presence  of  a  big  obstacle. 


Figure  10-(a):  Estimation  for  the  SOI  without  compensating  for  the  mutual 
coupling  and  the  near  field  scatterer. 

After  we  compensate  for  the  various  electromagnetic  couplings  and 
project  the  data  to  that  due  to  a  ULVA,  we  solve  for  the  weights  [W]  using  (43). 
Then,  we  estimate  the  amplitude  of  the  desired  signal  through  (31).  Figure  10-(a) 
and  (b)  plots  the  amplitude  and  the  phase  for  the  SOI  both  in  the  presence  and  in 
the  absence  of  mutual  coupling  between  the  elements  of  the  array  and  the 
scatterer  located  close  to  the  array.  As  can  be  seen,  after  compensation  of  the 
undesired  electromagnetic  effects,  the  expected  linear  relationship  is  clearly  seen, 
implying  that  the  jammers  have  been  nulled  and  the  SOI  estimated  with  a  good 
accuracy. 

The  adapted  beam  patterns  associated  with  this  example  are  shown  in 
Figure  11  -(a)  and  (b)  for  the  two  cases  considered  above.  When  the  mutual 
coupling  is  neglected  the  beam  pattern  in  Figure  11 -(a)  clearly  indicates  that  the 
interferers  have  not  been  nulled  in  a  correct  fashion.  However,  when  the 
electromagnetic  effects  have  been  appropriately  accounted,  for  the  beam  points 
correctly  along  the  direction  of  SOI  while  simultaneously  placing  deep  nulls 
along  the  direction  of  the  interferers.  By  comparing  the  adapted  beam  patterns  in 
Figures  8(b)  and  1 1(b)  it  is  seen  that  the  presence  of  a  large  near  field  scatterer 
has  indeed  produced  a  wide  null  along  that  direction  due  to  the  diffraction  effects 
of  the  interferer. 
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Phase  of  the  Reconstructed  Signal  Magnitude  of  the  Reconstructed  Signal 


Figure  10-(b):  Estimation  of  the  SOI  after  compensating  for  the  mutual  coupling 

and  effect  of  the  near  field  scatterer. 


Figure  ll-(a):  Adapted  Beam  pattern  without  compensating  for  the  mutual 
coupling  and  near  field  scatterer. 


-60  -40  -20  0  20  40  60 

Degree 

Figure  ll-(b):  Adapted  Beam  pattern  after  compensating  for  the  mutual  coupling 

and  the  near  field  scatterer. 


VL  CONCLUSION 

The  objective  of  this  article  has  been  to  present  a  two-step  process  for  using 
Adaptive  Antenna  Arrays  operating  in  a  real  environment.  At  the  first  step  a 
transformation  matrix  is  determined  which  transforms  the  voltages  induced  at  the 
feed  points  of  the  antenna  elements  operating  in  the  presence  of  near  field 
scatterers  and  the  presence  of  mutual  coupling  between  the  antenna  elements  to 
that  of  the  voltages  induced  in  a  uniform  linear  virtual  array  consisting  of 
isotropic  omni  directional  point  radiators  operating  in  free  space.  Such  a 
transformation  takes  into  account  all  the  electromagnetic  interactions  between  the 
antenna  elements  and  its  environment.  The  next  step  in  the  solution  procedure 
involves  applying  a  direct  data  domain  least  squares  approach  which  estimates  the 
complex  amplitude  of  the  signal  of  interest  given  its  direction  of  arrival.  The 
signal  of  interest  may  be  accompanied  by  coherent  multipaths  and  interferers, 
which  may  be  located  in  angle  quite  close  to  the  direction  of  arrival  of  the  signal. 
In  addition  there  may  be  clutter  and  thermal  noise  at  each  of  the  antenna  elements. 
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In  this  approach  since  no  statistical  methodology  is  employed,  there  is  no  need  to 
compute  a  covariance  matrix.  Therefore,  this  procedure  can  be  implemented  on  a 
general-purpose  digital  signal  processor  for  real  time  implementations. 
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ABSTRACT  Two  methods  for  obtaining  ultralow  sidelobe 
patterns  will  be  presented.  The  methods  are  applicable  to  antenna 
arrays  in  which  the  signals  received  from  each  element  can  be 
digitized.  In  the  first  technique,  the  measured  or  calculated  mutual 
coupling  coefficients  between  the  elements  are  used  to  generate  a 
matrix  of  correction  factors.  The  second  technique  uses  the  measured 
or  calculated  far  field  patterns  of  each  element  in  a  terminated 
array  environment  to  generate  a  matrix  of  correction  factors.  Results 
obtained  by  applying  both  methods  to  experimentally  measured  and 
numerically  calculated  array  data  will  be  presented.  The  similarities 
of  the  correction  matrices  calculated  by  each  technique  will  be 
discussed.  The  advantages  and  disadvantages  of  each  technique  will  be 
addressed. 
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1.0  Introduction 


The  very  act  of  building  an  antenna  implies  the  need  for  high  directivity 
and  low  sidelobes.  Any  radiation  that  goes  in  unintended  directions  is  at  least 
wasted  and  possibly  detrimental.  Unfortunately  physics  and  economics  prevent 
the  antenna  designer  from  having  exactly  the  antenna  he  desires.  When 
economics  is  less  of  a  factor  than  physics  the  antenna  designer  can  hope  to 
achieve  sidelobes  that  are  about  20  dB  below  isotropic  through  meticulous 
electrical  and  mechanical  design  of  the  array. 

To  first  order  the  sidelobe  level  is  inherent  in  the  selected  distribution  of 
excitation  among  the  array  elements.  At  some  angle,  for  example  broadside,  all 
the  elements  of  the  array  may  come  into  focus  and  the  main  lobe  is  generated.  At 
other  angles  the  elements  of  the  array  come  partially  back  into  focus  and 
secondary  lobes  are  generated.  The  secondary  lobes  are  controlled  by  tapering  the 
excitation  in  the  aperture  so  that  it  is  strong  at  the  center  and  weak  at  the  edges. 
Increasing  the  taper  further  reduces  the  sidelobe  level  until  the  sidelobe  level 
caused  by  second  order  sources  is  reached. 

Real  antennas  may  have  both  electrical  and  mechanical  errors  which 
introduce  amplitude  and  phase  errors  across  the  aperture.  Conventional 
techniques  of  obtaining  low  sidelobes  focus  on  controlling  antenna  excitation  to 
achieve  low  sidelobes.  An  array  comprised  of  many  similar  elementary  antennas 
appears  to  offer  obvious  means  for  controlling  the  total  excitation.  The  approach 
described  here  starts  with  an  effort  to  eliminate  the  mechanical  sources  which 
increase  sidelobes.  It  continues  by  developing  an  analytical  model  for  the 
electrical  sources  which  increase  sidelobes  and  compensating  for  them  through 
digital  processing. 

The  secondary  sources  of  sidelobes  are  scattering  from  the  mechanical 
structure  of  the  antenna  and  scattering  from  other  elements.  The  elements  of  an 
array  are  usually  electrically  small  antennas  so  they  have  broad  beamwidths.  Some 
of  the  energy  radiated  by  the  elements  is  intercepted  by  the  structure  and  scattered, 
causing  sidelobes.  This  source  of  sidelobes  is  controlled  by  using  smooth 
surfaces,  rolled  edges,  and  absorbers.  Some  of  the  energy  that  reaches  other 
elements  is  scattered;  some  is  absorbed  and  may  be  partially  re-radiated.  Some 
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methods  of  controlling  this  source  of  sidelobes  are  non-systematic  and 
excruciating.  They  require  some  degree  of  customization  of  each  element  in  the 
array  or  the  beam  forming  network  feeding  the  array.  Several  design  and 
construction  iterations  may  be  required.  For  antennas  operating  at  microwave 
frequencies  the  controlling  dimensional  differences  can  be  small  and  the 
corresponding  tolerances  can  be  very  tight. 

The  method  described  here  seeks  to  simplify  and  improve  array  control  by 
using  a  number  of  identical  elements  constructed  to  close  tolerances.  Traditional 
methods  would  develop  an  analytical  model  of  coupling  to  change  the  design  of 
each  element  or  output  of  the  beamforming  network.  The  method  described  here 
for  receive  array  antennas  uses  an  analytical  model  of  coupling  to  implement  a 
compensation  algorithm  in  a  digital  processor.  If  the  digital  method  of  coupling 
compensation  did  not  perform  better  than  traditional  methods  it  might  not  be 
worth  the  effort.  However  it  appears  that  significantly  better  performance, 
approaching  sidelobe  levels  40  dB  below  isotropic,  can  be  obtained  using  the 
methods  described  in  this  paper. 

Our  work  follows  earlier  investigations  of  ultralow  sidelobe  techniques, 
notably  that  by  Pettersson[l].  Pettersson  used  dipoles  in  his  array  while  we  are 
using  slots.  The  advantages  of  using  slots  will  be  noted  later.  He  used  a  small 
anechoic  chamber  to  make  his  measurements  and  had  to  correct  for  the  curvature 
of  source  fields  in  his  calculations.  We  have  a  considerably  larger  compact  range 
with  an  eight  foot  quiet  zone.  As  this  is  being  written  we  have  a  cylindrical  near 
field  scanner  coming  into  operation.  We  hope  to  improve  and/or  increase 
confidence  in  the  performance  we  have  achieved. 

2.0  Interelement  Coupling 

Array  antenna  elements  are  designed  to  generate  a  particular  radiation 
pattern  when  driven  by  specified  currents  at  their  input  ports.  However,  if  energy 
impinges  from  a  neighboring  element  it  may  in  general  excite  a  different  current 
distribution  than  when  the  given  element  is  fed  at  its  input  port.  As  shown  in  Fig. 
1,  this  will  generate  a  scattering  pattern  which  is  different  than  the  element’s 
design  radiation  pattern.  When  this  scattering  is  added  into  the  radiated  fields  a 
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Figure  1  -  Sources  of  error  in  generating  an  array  pattern 


distorted  radiation  pattern  will  be  produced.  On  the  other  hand,  if  the  scattering 
pattern  is  a  scaled  version  of  the  radiation  pattern,  the  sum  of  the  scattering 
pattern  and  radiation  patterns  is  another  scaled  version  of  the  radiation  pattern. 
Radiation  patterns  distorted  by  scattering  patterns  which  are  not  scaled  versions  of 
the  radiation  patterns  subvert  the  compensation  technique  described  here. 
Therefore  it  is  necessary  to  choose  array  elements  which  scatter  with  the  same 
pattern  as  they  radiate.  With  this  condition  met,  excitation  of  any  port  of  an  N 
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element  array  will  produce  a  total  pattern  which  is  the  sum  of  a  known  radiation 
pattern  and  N-l  known  scattering  patterns,  the  complex  amplitudes  of  each  yet  to 
be  determined. 

A  small  dipole  is  an  example  of  an  element  with  radiation  patterns  and 
scattering  patterns  that  are  very  nearly  the  same  -  isotropic  in  the  plane 
perpendicular  to  the  dipole.  A  narrow  slot  is  another  candidate  element.  It  is  the 
magnetic  current  dual  of  a  dipole  and  has  dual  pattern  properties  —  isotropic  in  the 
plane  perpendicular  to  the  long  dimension  of  the  slot. 

3.0  Element  Requirements 

The  elements  just  described  can  be  made  “to  disappear”  by  open  circuiting 
the  element  at  appropriate  input  ports.  A  small  dipole  will  not  effect  its  neighbors 
if  the  two  arms  are  severed  from  each  other.  This  is  because  the  two  arms  have 
high  reactance.  The  same  effect  occurs  if  an  open  circuit  is  placed  in  the  feeding 
transmission  line  an  integer  number  of  half  wavelengths  away  from  the  dipole. 
Similarly  a  slot  can  be  made  to  disappear  by  placing  a  piece  of  copper  tape  across 
its  middle  or  by  placing  an  open  circuit  in  the  feeding  transmission  line  an  odd 
number  of  quarter  wavelengths  away.  In  practice  there  may  a  cavity  behind  the 
slot  to  couple  energy  from  the  transmission  line  to  the  slot,  in  which  case  the 
required  position  of  the  open  circuit  must  be  determined  by  experiment  or 
analysis. 

We  chose  a  cavity-coupled,  stripline-fed  slot  as  the  radiating  element  for 
our  array.  Wo  made  this  choice  because  of  the  relative  simplicity  of  etching 
identical  slots  as  compared  to  constructing  and  positioning  the  dipoles  identically. 
We  also  found  it  is  easier  to  disable  a  slot  with  a  piece  of  copper  tape  than  to 
disable  a  dipole. 

4.0  Array  Antennas:  Radiation  and  Reception 

For  our  application  we  need  to  compute  the  received  voltage  and 
current  at  each  element  in  the  array  for  an  arbitrary  incident  plane  wave 
field  from  given  characteristics  of  the  constituent  elements  and  structure 
of  the  array  antenna. 

The  correction  of  excitation  of  an  array  antenna  by  voltage  sources  with 
finite  internal  impedance  which  takes  account  of  mutual  coupling  among  the 
elementary  antennas  comprising  the  array  in  order  to  achieve  a  prescribed  current 
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distribution  is  well  known[2].  In  particular,  we  will  require: 

i)  the  location  of  the  nth  antenna  element,  r(n), 

ii)  the  complex  vector  radiation  pattern  per  unit  input  current  to  the 
nth  antenna  element  in  the  open-circuited  array  environment, 
f(n;0,cp).  The  vector  direction  of  this  (transmit)  radiation  pattern  is 
taken  parallel  to  the  radiated  electric  far-field  and  dimensioned  so 
that  the  magnitude-square  is  radiated  power  (watts/steradian/unit 
current), 

iii)  mutual  coupling  among  the  array  elements  specified  by  the 
open-circuit  impedance  matrix,  Z,  scattering  matrix,  S  or 
equivalent  with  respect  to  defined  terminals  at  each  antenna 
element,  and 

iv)  the  termination  or  load  at  the  terminals  of  each  element. 

For  our  purposes  it  will  suffice  to  assume  that  the  array  antenna  is 
comprised  of  identical  elementary  antenna  elements  with  radiation  pattern  f(0,<p) 
of  the  "single  mode"[3]  or  "canonical  minimum  scattering"[4]  type.  Such  elements 
become  invisible,  i.e.,  do  not  scatter  when  an  effective  open-circuit  is  placed  at 
appropriate  terminal  planes.  For  such  elements  the  radiation  pattern  in  the 
open-circuited  array  environment  is  the  same  as  that  of  the  isolated  element.  It 
follows  from  reciprocity  arguments  that  an  incident  plane  wave  with  electric 
vector  equal  to  at  the  origin  of  coordinates  (located  near  or  at  one  array 
element)  produces  the  open  circuit  voltage,  E(«)  at  the  defined  terminals  of  the  nth 
array  element 

E(«)  =  yV^2'lf^;<9,^'ElNC 


where 


f(n;  0,  </>)  =  f(0,  <j>)  •  exp{yk(0,  <f>)  •  r(n)} .  (2) 

The  wave  vector  directed  towards  the  source  of  the  incident  plane  wave  is 

k(6,<t>)  =  k[xsin#cos^  +ysin#sin^  +zcos#],  (3) 
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the  position  vector  locating  the  nth  array  element  is 

r  (n)  =  xx(n)  +  yy(/i)  +  zz  («),  (4) 

and  k=2nfk. 

The  open-circuit  voltages  E(n)  equal  the  respective  generator  voltages  at  the  nth 
terminals  of  the  Thevenin  equivalent  circuit  for  the  array  antenna  in  reception[5] 
shown  in  Fig.  2.  Introducing  matrix  notation,  we  have 

V  =  E  +  ZI  (5) 

where  V,  E,  and  I  are  N-dimensional  column  matrices  with  elements  V(n),  E(n), 
and  I(n),  respectively.  N  is  the  number  of  elementary  antennas  in  the  array.  When 
each  array  element  is  terminated  in  its  own  receiver  module,  the  input  impedance 

;  i 

R 

R 

R 

Figure  2  -  Thevenin  equivalent  circuit  for  the  array  antenna  in  reception. 
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of  which  may  be  modeled  as  the  resistance  R,  it  is  convenient  to  introduce 
incident  (onto  the  array  network)  and  reflected  wave  quantities  a(n)  and  b(n) 


2VRa  (n)  =  V(«)  +  RI(«)  (6) 

2VRb(«)  =  V(«)-RI(w)  (7) 


which  are  dimensioned  so  that  the  magnitude  squares  |a(n)|2  and  |b(n)|2  are, 
respectively,  the  incident  and  reflected  average  powers.  Like  the  voltages  and 
currents,  these  are  combined  into  column  matrices  a  and  b  related  by  the 
normalized  scattering  matrix  S, 


b  =  Sa. 

Substituting  the  expression  for  Z  in  terms  of  S  into  Eq.  (5),  we  obtain 


(8) 


V  =  E  +  R(l-S)-,(l  +  S)I. 


(9) 


We  eliminate  V  and  I  in  favor  of  a  and  b,  the  incident  and  reflected  wave 
quantities.  Upon  proper  termination  of  each  element  by  a  module  with  input 
impedance  R,  a  =  0,  and  Eq.  (9)  becomes 


b  =  (l-S)#E. 


(10) 


Evidently  Eq.  (10)  may  be  solved  to  yield  a  matrix  expression  for  E  as  a  function 
of  b,  i.e.,  E(«)  as  a  combination  of  all  the  b(«), 


^E  =  (l-S)-'b. 


(ID 


This  is  the  desired  result.  In  contrast  to  the  phases  of  the  b(/i)  or  V(«),  the  phases 
of  the  E(w)  are  directly  the  phases  k(0,(p)«r(n)  from  which  the  direction  of  the 
source  of  the  incident  wave  is  evident.  The  matrix  on  the  right  which  converts  the 
observable  b (n)  into  the  theoretical  E(w),  the  terminal  voltages  that  would  be 
observed  with  zero  antenna  currents  (with  an  ideal  voltmeter)  undistorted  by 
mutual  coupling,  is  "the  correction"  matrix.  In  principle  the  scattering  matrix 
could  be  measured  and  the  correction  matrix  computed  from  that  result. 

However,  once  the  existence  of  a  correction  matrix  has  been  established  as  above, 
a  less  direct  procedure  described  in  §5.0,  utilizing  an  overcomplete  (or  redundant) 
set  of  measurements  produces  a  best  value  for  the  correction  matrix  in  the  sense  of 
least  squares.  The  advantages  of  the  latter  technique  will  be  pointed  out  below. 

5.0  Calculating  the  Correction  Matrix  Using  an  Overcomplete  set  of 

Measurements 

From  §4.0  we  know  there  exists  a  correction  matrix  C  which  will 
transform  a  set  of  excitations  of  the  radiation  patterns  in  a  terminated  array 
environment  to  an  equivalent  set  of  excitations  of  radiation  patterns  in  an  open 
circuit  environment.  C  can  by  found  from  the  mutual  coupling  matrix  of  the  array 
by: 


C  =  (l-S')'1 


(12) 


where  S'  is  the  transformed  mutual  coupling  matrix  of  the  array.  The 
transformation  is  from  the  measurement  terminal  plane  to  an  open  circuit  terminal 
plane  if  they  are  different. 

Alternatively  C  can  be  found  statistically  from  the  element  radiation 
patterns.  The  matrix  C  which  is  found  this  way  is  the  best  mapping  of  element 
radiation  patterns  in  a  terminated  array  environment  to  element  radiation  patterns 
in  an  open  circuit  array  environment  in  a  least  squares  sense.  The  matrix 
manipulations  to  perform  a  least  squares  fit  employ  the  pseudo-inverse[6].  The 
result  is  the  coefficient  matrix  for  the  linear  equations  connecting  a  data  set 
comprising  many  more  corresponding  values  of  the  input  and  output  variables 
than  the  rank  of  the  coefficient  matrix. 

The  pseudo-inverse  method  is  based  on  measurements  of  the  phasor 
radiation  patterns  of  each  of  the  elements  in  the  terminated  array  environment. 
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Here  it  is  assumed  that  the  number  of  angular  increments  in  the  pattern 
measurements,  M,  is  considerably  larger  than  the  number  of  elements  in  the  array, 
N.  The  measured  radiation  patterns  are  collected  into  an  N  *  M  matrix  M  where 
each  row  of  the  matrix  corresponds  to  an  element  and  each  column  of  the  matrix 
corresponds  to  an  angular  position. 

The  next  step  is  to  construct  an  exactly  corresponding  N  *  M  matrix  9  of 
phasor  radiation  patterns  of  elements  in  the  open  circuit  array  environment.  The 
patterns  in  9  can  be  either  measured  or  calculated.  If  the  patterns  in  9  are 
measured  by  rotating  the  receiving  antenna,  care  must  be  taken  to  insure  that  each 
element  follows  the  same  path  around  the  center  of  rotation  as  it  did  when  its 
pattern  was  measured  in  the  array  environment.  If  the  patterns  in  9  are  calculated, 
the  variation  in  phase  caused  by  the  displacement  between  the  element  center  and 
the  center  of  rotation  must  be  accounted  for.  We  always  calculated  9, 

From  the  previous  discussion  of  mutual  coupling,  we  know  that  a 
correction  matrix  C  can  be  found  such  that 


9  =  CM 


(13) 


If  M  and  9  were  square  matrices  it  would  be  a  straightforward  exercise  to  post- 
multiply  both  sides  of  Eq.  (13)  by  M'1  and  solve  for  C.  Instead  we  must  use  the 
pseudo-inverse  of  M.  The  pseudo-inverse  of  M  is  found  by  noting  that 

MMt(MMt)'1  =1 

where  Mf  is  the  complex  transpose  of  M  and  1  is  the  unit  matrix.  The  pseudo¬ 
inverse  of  M  then  is  given  by 

Finally  the  correction  matrix  is  found  by  multiplying  both  sides  of  Eq.  (13)  by  the 
pseudo-inverse  of  M 


C  =  ^Mt(MMt)'1 


(14) 
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6.0  Simulated  Single  Element  Results 

We  used  a  commercially  available  method  of  moments  code[7]  to  design  a 
stripline-fed  cavity-coupled  slot  radiator  for  our  experimental  array.  However  it 
developed  that  the  simulation  of  16  such  slot  radiators  was  too  large  for  the 
capacity  of  the  computer  available  to  us.  In  lieu  of  slot  radiators  we  modeled  a 
substantially  similar  16  element  coplanar  waveguide  dipole  array.  A  coplanar 
waveguide  dipole  is  similar  to  a  slot  radiator,  but  the  gain  is  3  dB  less  because  it 
radiates  both  above  and  below  the  ground  plane. 

The  method  of  moments  code  simulates  an  idealized  environment.  All 
ground  planes  and  dielectric  layers  in  the  simulation  extend  to  infinity  so  there  is 
no  reflection  or  diffraction  from  the  edges  of  the  antenna.  The  results  of  the 
simulation  agreed  well  with  our  theoretical  expectations  and  were  used  to 
establish  limits  of  what  we  might  expect  to  obtain  experimentally. 

A  coplanar  waveguide  dipole  is  shown  in  Fig.  3a.  The  dipole  is  oriented 
parallel  to  the  y  axis  Its  radiation  pattern  in  the  (p=0  plane  is  shown  in  Fig.  3b. 
Note  that  we  have  used  simply  (-0)  in  place  of  (0,cp=18O°)  and  that  the  radiation 
pattern  in  the  plane  perpendicular  to  the  dipole  is  not  quite  isotropic.  Rather  it  is 
slightly  distorted  by  the  feed  line.  The  impedance  of  a  single  coplanar  waveguide 
dipole  is  shown  in  Fig.  3c  on  an  expanded  Smith  chart. 

Fig.  4a  shows  a  diagram  of  a  coplanar  waveguide  dipole  in  of  a  16  element 
array.  All  the  dipoles  are  oriented  parallel  to  the  y-axis.  One  dipole  is  driven 
while  all  other  elements  are  terminated  in  matched  loads.  This  is  an  example  of 
what  we  refer  to  as  the  “terminated  array  environment”.  Fig.  4b  shows  its 
radiation  pattern  in  the  cp=0  plane.  Fig.  4c  shows  the  impedance  of  the  single 
element  in  a  terminated  array  environment.  By  design,  it  is  matched  at  the 
resonant  frequency. 

Fig.  5a  shows  another  16  element  array  of  coplanar  waveguide  dipoles,  all 
parallel  to  the  y  axis.  The  eighth  element  is  driven  while  all  the  others  are 
reactively  terminated.  The  terminations  are  implemented  with  short  circuited 
quarter  wavelength  stubs.  Fig.  5b  shows  the  radiation  pattern  in  the  (p=0  plane 
and  Fig.  5c  shows  the  impedance.  Both  show  that  the  driven  element  is  strongly 
affected  by  its  neighbors.  This  is  a  counter  example  of  what  we  call  the  “open 
circuit  array  environment.”  An  open  circuit  must  be  placed  at  prescribed  points  in 
the  transmission  line  to  disable  the  element,  in  this  instance  placing  a  virtual  short 
circuit  right  at  the  element. 
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Figure  3a  -  Dimensions  of  Isolated  Coplanar  Waveguide  Dipole. 


Figure  3b  -  Radiation  Pattern  of  Isolated  Coplanar  Waveguide  Dipole. 


Figure  3c  -  Impedance  Plot  of  Isolated  Coplanar  Waveguide  Dipole. 
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Figure  4a  -  Dimensions  of  coplanar  waveguide  dipole  in  terminated  array 

environment. 


Figure  4b  -  Radiation  pattern  of  coplanar  waveguide  dipole  in  terminated  array 

environment. 


Figure  4c  -  Impedance  plot  of  coplanar  waveguide  dipole  in  terminated  array 

environment. 
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Figure  5a  -  Dimensions  of  coplanar  waveguide  dipole  in  open  circuited  array 
(counter  example  of  open  circuit  array  environment). 


Figure  5b  -  Radiation  pattern  of  coplanar  waveguide  dipole  in  open  circuited 
array  (counter  example  of  open  circuit  array  environment). 


Figure  5c  -  Impedance  plot  of  coplanar  waveguide  dipole  in  open  circuited 
array  (counter  example  of  open  circuit  array  environment). 
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Fig.  6a  shows  yet  another  excitation  of  the  16  element  array  of  coplanar 
waveguide  dipoles,  all  parallel  to  the  y  axis.  The  eighth  element  is  driven  while 
all  the  others  are  short  circuited.  The  short  circuits  are  virtual,  having  been 
implemented  with  open  circuited  quarter  wavelength  stubs.  Fig.  6b  shows  the 
radiation  pattern  in  the  <p=0  plane  and  Fig.  6c  shows  the  impedance.  They  are 
almost  identical  to  the  radiation  pattern  and  impedance  of  the  isolated  element. 
This  demonstrates  the  concept  of  disabling  an  array  element  with  an  appropriately 
placed  open  circuit  as  described  in  §3.0  and  is  an  example  of  what  we  refer  to  as 
“open-circuited  array  environment.”  The  effect  is  very  good  but  not  perfect.  Of 
course  a  virtual  short  circuit  is  also  frequency  dependent.  To  make  the 
neighboring  elements  completely  disappear  they  must  be  covered  (short-circuited) 
with  copper  tape. 

7.0  Simulated  Array  Results 

Another  diagram  of  the  simulated  array  of  coplanar  waveguide  dipoles  is 
shown  in  Fig.  7.  It  is  similar  to  what  was  shown  in  Fig.  4a  except  that  all 
elements  are  considered  to  be  driven.  A  short  circuited  stub  the  same  length  as  a 
dipole  feed  line  is  also  shown  in  Fig.  7.  It  was  simulated  to  determine  its 
electrical  length. 

The  16  x  16  matrix  of  S-parameters  for  this  array  is  shown  on  a  polar  chart 
in  Fig.  8a  for  a  frequency  sweep  from  2.95  GHz  to  3.05  GHz  is  shown.  The  chart 
would  be  unreadable  if  every  S-parameter  was  labeled.  Instead  families  of  S 
parameters  are  labeled.  The  elements  on  the  main  diagonal  of  the  matrix  are 
labeled  “m-n=0",  the  elements  on  the  first  diagonal  above  or  below  the  main 
diagonal  are  labeled  “m-n=±l",  and  the  elements  of  the  second  diagonal  above  or 
below  the  main  diagonal  are  labeled  “m-n=±2".  Elements  on  higher  order 
diagonals  which  tend  towards  zero  are  not  labeled.  For  this  array  the  coupling  to 
neighboring  elements  is  greater  than  the  self  reflection  coefficient.  The  reflection 
coefficient  of  the  short  circuited  stub  is  also  shown  on  the  chart.  Its  angle,  which 
differs  from  the  idealized  value,  k,  was  used  to  determine  how  far  to  transform 
reference  planes  of  the  S-parameter  matrix  to  move  to  a  terminal  plane  of  an 
open-circuited  array  environment. 

The  S-parameter  matrix  transformed  to  a  reference  plane  corresponding  to 
an  open  circuited  array  environment  is  shown  in  Fig.  8b.  The  transformed  S- 
parameter  matrix  subtracted  from  the  unit  matrix  is  shown  in  Fig.  8c.  The 
correction  matrix  is  shown  in  Fig.  8d.  This  was  obtained  by  inverting  the  matrix 
shown  in  Fig.  8c. 
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Figure  6a  -  Dimensions  of  coplanar  waveguide  dipole  in  open  circuited  array 
environment  (short  circuit  at  coplanar  waveguide  dipole). 


Figure  6b  -  Radiation  pattern  of  coplanar  waveguide  dipole  in  open  circuited 

array  environment. 


Figure  6c  -  Impedance  plot  of  coplanar  waveguide  dipole  in  open  circuited 

array  environment. 
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Figure  7  -  (a)  Configuration  of  full  driven  coplanar  waveguide  dipole  array  and 
(b)  short  circuited  stub  used  to  determine  electrical  length  of  feed  line. 


Figure  8a  -  Mutual  coupling  matrix  of  array  shown  in  Fig.  7.  Electrical  length 

of  feed  line  is  also  shown. 
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Figure  8c  -  Transformed  mutual  coupling  matrix  subtracted  from  unit  matrix 
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Figure  8d  -  Correction  matrix,  inverse  of  matrix  in  Fig.  8c. 

Figs.  8a-8d  show  the  matrix  operations  implied  by  Eq.  (12).  The  diagonal 
elements  are  clustered  near  (1  +  jO)  while  the  off  diagonal  elements  approach  zero 
as  they  get  further  from  the  diagonal.  This  plot  indicates  what  we  would  expect: 
if  the  elements  are  only  moderately  coupled,  the  correction  to  a  desired  input 
distribution  is  small. 

8.0  Applying  the  Correction  Matrix  Calculated  Using  Mutual  Coupling 

The  unnormalized  scalar  radiation  pattern  F,  in  the  <p=0  plane,  of  an  array 
with  equally  spaced  elements,  isotropic  in  0,  is  given  by 


F  =  wn  exp{ ynkd(sin  6  -  sin  O0 )} 

n 


(15a) 


where  wn  is  the  amplitude  of  the  nth  source,  k  is  the  wavenumber,  n  is  the  element 
number,  and  d  is  the  distance  between  elements.  0  is  the  pattern  direction  and  0O 
is  the  scan  direction  with  reference  to  the  normal  of  the  array.  This  equation  is 
commonly  used  without  consideration  of  mutual  coupling.  In  matrix  form  Eq. 
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(15)  becomes 


F  =  X  wiAm  exp(-/nkd  sin  G0 )  (15b) 

n 

where  9  is  the  matrix  of  element  patterns  measured  in  an  open  circuit  array 
environment  form  §5.0. 

In  the  course  of  improving  our  antenna  and  measurement  technique  we 
needed  a  standard  to  judge  our  interim  results.  We  chose  a  60  dB  sidelobe 
Chebychev  pattern  as  our  benchmark  because  that  has  sidelobes  about  10  dB 
better  than  our  goal  for  a  16  element  array  of  isotropic  radiators.  We  plotted  these 
broadside  patterns;  ideal,  uncorrected  for  mutual  coupling,  and  corrected 
respectively, 


F,(0(m))=X)Wnj7n,m» 

n 

(16a) 

Fuc(0  (Hi))  =  £  WnMn,m  >  md 

n 

(16b) 

Fc(@  (m))  =  E  Wn(Z  Cn,kMk,m)  * 
k  k 

(16c) 

Eq.  (16a)  follows  directly  from  Eq.  (15b)  with  0o=O.  Eq.  (16b)  is  obtained  from 
Eq.  (16a)  simply  by  substituting  M  for  9  with  the  recognition  that  we  would 
obtain  imperfect  patterns.  We  interpreted  the  sidelobe  level  obtained  from  Eq. 
(16b)  as  a  measure  of  the  effect  of  mutual  coupling,  and,  in  the  case  of  measured 
data,  how  good  our  antenna  was.  Eq.  (16c)  was  obtained  from  Eq.  (16b)  by 
substituting  CM  for  M.  The  sidelobe  levels  obtained  from  Eq.  (16c)  were 
interpreted  as  a  measure  of  the  errors  which  remained  after  correction.  Fig.  9a 
shows  the  data  from  our  simulation  of  the  16  element  coplanar  waveguide  dipole 
array  plotted  per  Eqs.  (16a-16c)  using  C  calculated  from  mutual  coupling  (Eq. 
12).  The  data  obtained  from  simulation  indicates  our  antenna  is  very  good  to 
begin  with,  so  the  correction  appears  to  have  only  a  small  effect. 

The  application  of  Eqs  (15a- 15b)  to  scanning  depends  on  whether  the 
array  is  used  to  transmit  or  receive.  In  transmission,  the  beam  is  scanned  to  some 
angle  0O  and  the  pattern  is  calculated  or  measured  as  a  function  of  0.  In  reception 
a  plane  wave  arrives  at  the  array  from  a  distant  source  at  some  angle  0,  and  the 
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0  (deg)  in  0=0  plane 


Figure  9a  -  Comparison  of  uncorrected  and  corrected  radiation  patterns  with 
correction  calculated  using  mutual  coupling. 


pattern  is  calculated  or  measured  as  a  function  of  0O.  Our  intended  use  for  the 
array,  and  our  development  of  the  correction  matrix  C  here  is  for  receive  mode 
only.  We  calculated  ideal,  uncorrected,  and  corrected  scan  patterns  for  various 
angles  of  incidence  0(m),  i.e.  fixed  m,  using 

Fi(#o)  =  Z  w  Am  exp(-/nkd  sin  0O  ) ,  (17a) 

n 

Fuc(3>)  =  ZwnMn,mexp(-y'nkd  sin #0), and  (17b) 

n 

FC(0O)  =  Z  wn(ZCn,kMk,m)exp(-ynkdsin<90) .  (17c) 

n  k 

Eq.  (17a)  follows  directly  from  Eq.  (15b)  with  the  0O  functional  dependence  made 
explicit.  Eq.  (17b)  was  obtained  from  Eq.  (17a)  by  substituting  M  for.?  and  Eq. 
(17c)  was  obtained  from  Eq.  (17b)  by  substituting  CM  for  M.  The  data  from  our 
simulation  of  a  coplanar  waveguide  dipole  array,  and  with  C  calculated  from 
mutual  coupling  data  are  plotted  per  Eqs.  (17a- 17c)  in  Fig.  9b  for  0=30° 
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Figure  9b  -  Comparison  of  scanned  radiation  patterns  for  signal  arriving  at  30°. 
Correction  calculated  using  mutual  coupling. 


Although  it  is  not  shown  here,  scan  patterns  for  plane  waves  arriving  at 
angles  larger  than  40°  deteriorate  quickly  for  large  scan  angles  because  of  nearby 
grating  lobes. 


9.0  Applying  the  Correction  Matrix  Calculated  Using  the  Pseudo-Inverse 

Fig.  10  shows  simulated  data  plotted  per  Eqs.  (16b- 16c)  with  C  calculated 
from  the  pseudo-inverse  and  all  other  conditions  the  same  as  in  Fig  9a.  The 
patterns  are  nearly  the  same  as  those  in  Fig.  9a.  Scanned  patterns  would  be 
similar  to  those  shown  in  Fig.  9b. 

10.0  Comparison  of  Mutual  Coupling  and  Pseudo-Inverse  Methods 

If  the  correction  matrices  calculated  from  mutual  coupling,  CMC  and  the 
pseudo-inverse,  CPI  were  nearly  identical  it  would  be  easy  to  compare  them  on  an 
element  by  element  basis,  and  the  condition 

C  C1  —  1 

would  hold.  It  would  take  a  meticulous  accounting  for  gain  and  phase  in  the 
pattern  measurements  to  obtain  to  obtain  the  normalization  to  yield  such  good 
correspondence  between  CMC  and  CP1.  However  it  would  be  reasonable  to  expect 
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Figure  10  -  Comparison  of  uncorrected  and  corrected  radiation  patterns. 
Correction  calculated  using  pseudo-inverse. 


that 


c 


MC 


=  al 


where  a  is  a  complex  constant.  Fig.  1 1  shows  a  plot  ofCMCCp\  for  our 

simulation.  The  diagonal  elements  are  clustered  around  a  point  far  from  the  origin 
which  is  what  we  expected.  The  off  diagonal  elements  are  clustered  around  zero. 
The  degree  that  diagonal  elements  map  to  a  non-zero  point  and  the  off  diagonal 
elements  map  to  zero  is  a  measure  of  consistency  between  the  two  methods. 

There  are  a  number  of  possible  causes  of  inconsistency.  The  computational  steps 
necessary  to  calculate  and  apply  the  correction  matrix  were  numerically  intensive 
which  allows  many  chances  for  round  off  errors  to  creep  in.  Many  calculations 
used  large  matrices,  and  some  could  have  been  ill  conditioned.  Isotropic  radiation 
patterns  were  used  to  construct  9,  but  as  shown  in  Fig.  3b,  the  isolated  element 
pattern  had  about  one  half  dB  variation.  There  was  some  uncertainty  in  the  length 
of  the  open  circuit  stub  which  disabled  the  coplanar  waveguide  dipole.  For  the 
model  shown  in  Fig.  6a  we  initially  chose  the  open  circuit  stub  length  to  be  one 
fourth  wavelength  from  the  geometric  center  of  the  dipole.  There  is  a  slight  ripple 
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Figure  1 1  -  Matrix  product  CMCCPI'1.  CMC  and  CPI  calculated  from  simulation 
data. 


in  the  element  pattern  shown  in  Fig.  6b.  We  found  that  increasing  the  open  circuit 
stub  length  a  fraction  of  a  percent  reduced  but  could  not  eliminate  the  ripple.  The 
inability  to  eliminate  the  ripple  can  also  be  viewed  as  a  departure  from  the  “single 
mode”  condition. 

11.0  Experimental  Antenna 

The  array  antenna  used  in  this  investigation  is  drawn  in  Fig.  12.  The  array 
consisted  of  16  columns  and  each  column  consisted  of  4  slot  elements  arrayed  in 
the  H-plane.  The  column  spacing  was  chosen  to  be  exactly  one  half  wavelength, 
while  the  element  spacing  within  each  column  was  0.9  wavelengths.  The  vertical 
spacing  was  chosen  to  maximize  gain,  while  the  horizontal  spacing  was  chosen  to 
avoid  grating  lobes  when  scanning. 
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Fig.  13a  shows  a  strip  line-fed  cavity-coupled  slot  antenna,  designed  by 
Clouston  and  Evans[8],  which  we  tried  to  use  for  an  element.  Their  antenna 
featured  a  cavity  with  feeds  on  opposite  sides  of  the  slot  180°  out  of  phase.  There 
is  some  adaptability  in  this  design.  If  the  width  of  the  cavity  is 


Figure  12  -  NRL  Ultra  Low  Sidelobe  Array. 


Figure  13a  -  Cavity  coupled  stripline  feed  slot  antenna  presented  by  Clouston 
and  Evans 
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Figure  13b  -  Cavity  coupled  stripline  feed  slot  antenna  used  in  experimental 
array. 


reduced,  its  length  can  be  increased  to  maintain  the  resonant  frequency.  Even 
with  this  flexibility  we  could  not  fit  it  in  the  available  space.  However,  we  noted 
that  there  is  a  plane  of  anti-symmetry  through  the  center  of  the  slot  so  we  split  it  in 
half  along  this  plane  to  obtain  the  design  shown  in  Fig.  13b.  We  were  able  to 
adjust  the  length  and  width  of  this  design  to  resonate  at  the  desired  frequency 
while  leaving  room  for  a  four  way  power  divider  in  the  space  between  columns. 

The  cavity  is  constructed  with  vias  connecting  the  top  and  bottom  grounds 
planes.  The  radiating  slot  is  etched  on  one  long  side  of  the  cavity  and  the  stripline 
feed  comes  in  from  the  middle  of  the  opposite  side.  The  feed  line  is  shorted  to  the 
top  ground  plane  only  by  a  via,  and  the  impedance  is  controlled  by  the  position  of 
the  via  with  respect  to  the  slot. 

Referring  back  to  Fig.  12,  note  the  pattern  of  screw  collars  on  the  face  of 
the  array.  They  restrain  but  do  not  actually  grasp  the  circuit  boards.  The  screw 
collars  were  designed  with  narrow  stems  topped  by  wide  flanges.  The  stems  pass 
through  holes  in  the  circuit  board  and  are  about  0.002  inches  longer  than  the 
thickness  of  the  circuit  board.  This  was  done  to  keep  from  squeezing  the 
dielectric,  which  might  change  the  timing  of  a  cavity  or  alter  the  impedance  of 
stripline.  The  pattern  of  screw  collars  is  actually  denser  than  needed  to 
mechanically  hold  the  circuit  boards  in  place.  Extra  screw  collars  were  added  to 
insure  that  each  radiator  was  surrounded  by  the  same  pattern  of  screw  collars  in  its 
immediate  neighborhood. 

The  diamond  shaped  ground  plane  shown  in  Fig.  12  was  chosen  to  scatter 


101 


edge  reflections  away  from  the  principal  planes.  Rolled  edges  were  added  to 
diffuse  diffraction.  We  still  detected  interactions  with  the  comers  at  high  angles 
so  we  added  patches  of  thick  absorber  between  the  slots  and  comers. 

We  measured  the  mutual  coupling  matrix  for  the  antenna.  The  data  from 
one  such  measurement  is  shown  in  Fig.  14.  We  quickly  realized  that  even  with  a 
modem  vector  network  analyzer  it  is  difficult  to  measure  mutual  coefficients  to 
the  required  level  of  accuracy.  For  this  reason  the  pseudo-inverse  method  seems 
to  be  more  practical. 

With  all  the  enhancements  to  pattern  accuracy  just  described,  the  element 
radiation  patterns  of  the  NRL  ultra-low  sidelobe  antenna  were  measured  in  a 
terminated  array  environment.  The  patterns  were  combined  for  uncorrected  and 
corrected  broadside  patterns  per  Eqs.  (16b- 16c)  with  60  dB  Chebychev  weighting. 
These  patterns  along  with  an  ideal  pattern  calculated  per  Eq.  (16a)  are  shown  in 
Fig.  15a. 

The  correction  matrix  obtained  in  this  way  also  “corrects”  for  residual 
errors  in  the  compact  range.  It  is  therefore  important  to  reduce  any  errors  in  the 


Figure  14  -  Measured  mutual  coupling  matrix  for  NRL  ultra-low  sidelobe 
antenna. 
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Figure  15a  -  NRL  ultra-low  sidelobe  antenna  measured  patterns  corrected  using 
pseudo-inverse  method. 


compact  range  to  an  absolute  minimum  so  that  the  correction  matrix  which  is 
calculated  will  be  applicable  when  the  array  is  moved  into  other  environments. 

To  test  the  portability  of  our  measurements  we  moved  the  antenna  to  a  new 
position  in  the  range  one  quarter  wavelength  closer  to  the  source  and  repeated  the 
measurements.  Then  we  used  the  correction  matrix  calculated  from  the  first  set  of 
measurements  on  the  second  set  of  measurements  per  Eqs.  (16b-16b)  with  a  60  dB 
Chebychev  weighting.  The  results  are  shown  in  Fig.  15b.  We  believe  the  increase 
in  the  sidelobe  level  is  caused  by  residual  reflections  in  the  compact  range. 

The  results  presented  so  far  were  obtained  using  data  measured 
sequentially  from  all  sixteen  columns.  Sixteen  digital  receivers  have  been 
designed  and  built  to  measure  the  received  signals  of  the  columns  simultaneously. 
A  calibration  technique  has  been  developed  to  correct  the  amplitude  and  phase 
errors  in  the  receivers.  After  all  sixteen  channels  have  been  equalized,  digital 
beamforming  will  be  tested.  When  the  digital  receivers  are  incorporated  into  the 
array  it  will  be  possible  to  record  many  patterns  quickly  and  improved  calibration 
techniques  may  be  developed. 

12.0  Conclusion 

We  presented  two  different  techniques  to  compensate  for  the  effects  of 
mutual  coupling  on  the  sidelobe  level  of  an  array.  Both  techniques  require 
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Figure  15b  -  NRL  ultra-low  sidelobe  antenna  moved  one  quarter  wavelength 
from  position  of  measurement  shown  in  Fig.  14a.  Correction  matrix  from  first 
position  applied  to  data  from  second  position. 


“single  mode”  type  antenna  elements.  One  technique  uses  electromagnetic 
calculation  of  the  S-parameter  matrix  of  the  array  while  the  other  uses  the 
measured  far  field  element  radiation  patterns  for  calculating  a  correction  matrix  to 
compensate  for  mutual  coupling.  We  applied  both  techniques  to  a  simulated  array 
and  demonstrated  that  both  work  well  in  reducing  the  sidelobe  levels.  The  two 
methods  are  linked.  For  “single  mode”  elements,  information  about  mutual 
coupling  is  embedded  in  the  element  patterns  measured  in  a  terminated  array 
environment.  The  technique  that  uses  the  element  patterns  seems  to  be  more 
practical  for  use  in  a  real  array.  Preliminary  results,  obtained  using  measured 
data,  indicate  that  we  can  reduce  the  peak  side  level  to  better  than  30  dB  below 
isotropic,  and  the  average  sidelobe  level  to  close  to  40  dB  below  isotropic.  These 
results  do  not  include  the  effects  of  receiver  errors. 
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Abstract:  In  this  paper,  a  Ku-band  active  phased  array  antenna  (APAA) 
using  packaged  monolithic  microwave  integrated  circuit  (MMIC)  phase 
shifters  was  developed,  which  is  used  in  vehicular  antenna  system  for  direct 
broadcasting  satellite  (DBS)  reception  at  moving  vehicles.  Its  design  and 
performance  were  presented  and  described  .  It  exhibits  the  antenna  gain  to 
noise  temperature  ratio  (G/T)  of  3  dB/K.  The  antenna  beam  is  scanned 
electrically  within  46°±6°  in  elevation. 

1.  Introduction 

A  direct  broadcasting  satellite(DBS)  service  via  Koreasat  3  is  currently 
provided  and  there  are  many  subscribes  for  a  residential  house.  In  addition,  many 
people  want  to  watch  the  DBS  TV  even  at  vehicles  because  it  has  advantages  over 
terrestrial  TV  broadcasting  with  high  quality,  simultaneity,  wide  coverage,  and  so 
on.  Several  antenna  systems  for  mobile  DBS  reception  have  been  developed  on 
the  basis  of  various  flat  antennas  mounted  on  vehicle’s  roofs[l,2,3].  The  most 
attractive  of  these  is  an  active  phased  array  antenna  technology.  However,  the 
conventional  technology  is  very  expensive,  restricting  its  use  in  commercial 
products.  To  solve  this,  a  modification  in  the  phased  array  antenna  is  introduced 
using  twelve  active  array  elements  for  cost-effectiveness[4,5].  The  system  shows 
a  high  performance  for  receiving  DBS,  but  is  still  expensive,  large  and  tall  to  be 
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installed  on  a  car  due  to  low  element  gain,  the  connection  loss  between  the 
radiator  subarray  and  the  active  channel  block  (ACB),  and  the  high  cost  phase 
shifter.  Therefore,  we  have  made  a  great  effort  to  develop  high  efficiency  radiator 
subarrays [6],  to  develop  the  low  cost  packaged  monolithic  microwave  integrated 
circuit  (MMIC)  phase  shifter,  and  have  realized  a  small  and  low-profile  active 
phased  array  antenna  system  mountable  on  a  small  car[7]. 

This  paper  describes  the  design  of  the  active  phased  array  antenna  system  and 
also  presents  experimental  results.  Section  2  describes  the  design  of  broadband 
circularly  polarized  patch  array  antenna  with  the  comer-truncated  square  patch 
fed  by  a  microstrip  line  and  the  stacked  patch.  Section  3  describes  the  design  of 
the  active  phased  array  antenna  using  the  low  cost-packaged  monolithic 
microwave  integrated  circuit  (MMIC)  phase  shifter  and  presents  the  performance 
of  the  active  phased  array  antenna,  in  which  the  antenna  elements  and  the  active 
circuitry  are  integrated  on  the  same  substrate.  And  then,  introduces  the  integrated 
active  phased  array  antenna  system  and  presents  its  test  results. 

2.  Broadband  Circularly  Polarized  Patch  Array  Antenna 
2.1  Design  of  the  antenna  element 

Fig.l  shows  the  configuration  proposed  in  order  to  obtain  broadband  circularly 
polarized  single  patch  antenna[6].  The  patch  fed  by  a  microstrip  line  and  stacked 
patch  are  truncated  to  obtain  circular  polarization.  This  comer-truncated  square 
patch  has  the  two  orthogonal  modes  of  resonance,  which  respectively  yield  linear 
polarization  along  the  directions  of  the  two  diagonal.  To  obtain  good  axial  ratio, 
the  feeding  location  is  chosen  to  excite  two  modes  in  phase  quadrature.  As  seen  in 
the  Fig.  1,  lower  patch  and  microstrip  line  are  on  the  substrate  with  er=2.5  and 
thickness=20mils,  the  stacked  patch  on  the  thin  film  is  supported  by  lower  foam, 
and  this  patch  is  covered  by  upper  foam  (thickness=2mm).  Being  very  thin 
(0.04mm)  with  respect  to  wavelength,  the  film  hardly  affects  radiation  pattern. 
Based  on  the  geometry  shown  in  Fig.  1,  the  results  of  the  simulation  using 
ENSEMBLE  5.1  are  shown  in  Fig.  2.  A  lOdB  return  loss  bandwidth  is  1.3GHz 
(11.2  -  12.5GHz[ll%]),  a  3dB  axial  ratio  bandwidth  is  0.7GHz  (11.4  - 
12.1GHz[6%])  and  maximum  gain  is  about  9.4dBic  at  11.85GHz. 
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Frequency[GHz] 


Rg.  2.  Simulated  results  of  the  single  patch 


2.2  3x4  Radiator  Subarray 

The  designed  array  structure  is  shown  in  Fig.  3.  The  distance  between  each 
patch  is  0.85 /l0  and  the  array  is  designed  using  sequential  rotation  feed[6,7].  By 
using  these  sequential  rotation  feed,  an  antenna  performance  is  better  than  that  of 
single  patch.  The  measured  result  compared  with  simulation  is  shown  in  Fig.  4. 
The  maximum  gain  is  19.5  dBi  and  3dB  axial  ratio  bandwidth  is  25%  (9.8  GHz  - 
12.6  GHz).  The  simulated  and  experimental  impedance  bandwidths  for  VSWR  < 
2  are  15%  (10.8  GHz  -  12.55  GHz)  and  15.2%  (10.9  GHz  -  12.7  GHz), 
respectively. 


Stacked  Lower 


Fig.  3  Photograph  of  3x4  subarray 
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Fig.  4  Simulated  and  measured  results  of  3x4  subarray 
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The  radiation  pattern  measured  at  11.85GHz  is  shown  in  Fig.  5.  The  side  lobe 
level  is  lower  than  -lOdB  and  cross-pol  level  is  lower  than  -25dB  for  broadside 
direction.  The  half  power  beamwidths  (HPBW)  are  18.5°  in  phi=0  plane  and  14.5° 
in  phi=90  plane,  respectively. 


Co-Po1(phi=0) 


Co-Pol(phi=90) 


Cross -Pol  (phi  =0) 


Cross-Pd(phi=90) 


Fig.  5.  Radiation  pattern  (meas.)  of  3x4  subarray  antenna  (at  11.85  GHz) 


3.  Active  Phased  Array  Antenna  System 
3.1  Ku  band  MMIC  phase  shifter 

A  low  cost,  packged  5-bit  MMIC  phase  shifter  shown  in  Fig.  5  has  been 
successfully  developed  for  Ku  band  mobile  satellite  communication  applications. 
The  MMIC  chip  with  5-bit  digital  control  circuit  shown  in  Fig.  6  was  designed 
utilizing  a  0.6  micron  GaAs  MESFET  process  technology  and  using  via-hole 
technology  to  reduce  inductance  with  ground,  and  packaged  into  ceramic  package 
to  prevent  parasitic  effects  of  the  package. 
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Figure  6.  Photograph  of  a  packaged  MMIC  phase  shifter 


Figure  7.  Photograph  of  the  MMIC  phase  shifter  chip  layout 


It  exhibits  low  RMS  phase  error(<5 degrees)  (Fig.  8),  low  insertion  loss(<10dB) 
(Fig.  9),  low  RMS  insertion  loss  variation(cldB)  (Fig.  9),  and  good  return 
loss(>9.5dB)  (Fig.  10)  for  all  thirty-two  phase  states  over  the  entire  operational 
bandwidth  in  the  10.7  ~  12.75  GHz  frequency  range.  It  is  easy  to  use  because  it 
has  a  user-friendly  lead  type  of  ceramic  package  and  no  external  components  is 
required.  It  will  be  commercialized  soon  and  reduce  the  cost  of  implementing 
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Insertion  Loss(dET 


phased  array  antennas  for  commercial  use. 


7  10  13  16  7  10  13  16 


Frequency(GHz)  Frequency(GHz) 

(a)  Measured  phase  shift  state  (b)  RMS  phase  error 

Figure  8.  Measured  phase  shift  performance 


Frequency(GHz)  Frequency(GHz) 

(a)  Measured  insertion  loss  (b)  RMS  insertion  loss  variation 

Figure  9.  Measured  insertion  loss  performance 
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(a)  Input  return  losss  (b)  Output  return  losss 

Figure  10.  Measured  input/output  return  losss 


3.2  Active  Phased  Array  Antenna 

The  active  phased  array  antenna  consists  of  two  active  array  modules  arranged 
on  the  plane  of  the  frame[7].  The  active  array  module  is  composed  of  two  active 
subarrays  containing  the  microstrip  patch  subarray  and  the  ACB,  in  which  the 
devices  such  as  low  noise  amplifiers(LNA)  and  MMIC  phase  shifters  are 
integrated  directly  with  the  feeding  network  of  radiating  elements  to  improve  the 
array  performance  on  the  same  substrate  (TLX-9,  20mil-thick,  6r=2.5),  and  the 
subarrays  are  inclined  at  46  0  to  horizon.  The  developed  active  array  module  is 
shown  in  Fig.  11.  The  ACB  performs  the  roles  to  amplify  RF  signal  with  low 
noise  coming  from  the  radiator  and  to  form  the  beam  for  electronic  beam 
scanning.  The  ACB  is  composed  of  the  FETs,  microstrip  band  pass  filter  (BPF), 
MMIC  phase  shifter,  stabilized  DC  bias  circuit,  and  the  phase  control  interface 
part  as  shown  in  Fig.  12.  By  the  design  specification,  the  typical  linear  gain  of  the 
ACB  is  about  25  dB  at  initial  phase  state  and  its  gain  variation  by  phase  control 
states  is  less  than  i2  dB,  and  the  minimum  phase  control  step  is  22.5  .  The  phase 
response  of  the  active  channel  block  by  each  phase  states  was  measured  using  a 
vector  network  analyzer  and  control  program.  The  phase  variation  of  it  by  phase 
control  state  was  lower  than  ±  5°  within  operating  band.  Its  typical  noise  figure  is 
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3.3  Active  Phased  Array  Antenna  System 

The  integrated  active  phased  array  antenna  system  shown  in  Fig.  13  consists  of 
two  active  array  modules,  a  low  noise  block  down  converter,  a  beam  steering 
controller,  a  tracking  signal  detector,  a  satellite  tracking  processor  and  a 
mechanical  positioner[8].  Its  size  is  320(D)  x  85(H)  mm. 


Fig.  13  Active  phased  array  antenna  system 


The  radiation  patterns  measured  at  11.85  GHz  are  shown  in  Fig.  14.  The  side 
lobe  level  is  lower  than  -lOdB  and  cross-pol  level  is  lower  than  -23dB  for 
broadside  direction.  It  provides  46°±6°  electronic  beam  scanning  in  elevation. 
The  carrier  to  noise  power  ratio  (C/N)  of  the  system  was  measured  directly  from 
DBS  Koreasat  3  signal  whose  effective  isotropic  radiated  power  (EIRP)  is  61 
dBW  at  Daejon  and  bandwidth  is  21 .3  MHz.  It  exhibits  the  CM  of  about  13.8  dB 
as  shown  in  Fig.  15.  From  the  measured  C/N,  the  system  G/T  can  be  calculated 
and  it  is  about  3.0  dB/K  when  the  free  space  loss  is  -205.4  dB  and  the 
atmospheric  loss  is  -0.2  dB  at  clear  sky. 


(a)  Azimuth  plane 


-60  -50  -40  -30  -20  -10  0  10  20  30  40  50  60 


Elevation  (deg) 

(b)  Elevation  plane 

Fig.  14  Radiation  patterns  (meas.)  of  the  antenna  system  (at  11.85  GHz) 
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4.  Conclusion 

In  this  paper,  the  Ku-band  APAA  using  the  low  cost-packaged  MMIC  phase 
shifters  was  developed,  which  is  used  in  vehicular  antenna  system  for  DBS 
reception  at  moving  vehicles.  It  exhibits  the  C/N  of  13.8  dB  from  DBS  Koreasat  3 
whose  effective  isotropic  radiated  power  (EIRP)  is  61  dBW  and  bandwidth  is  21.3 
MHz.  It  provides  the  electronic  beam  scanning  of  46°±6°  in  elevation.  It  is  to  be 
installed  on  a  mechanical  positioner  which  gives  the  mechanical  beam  steering  of 
0°  ~  360°  in  azimuth.  It  will  be  combined  with  satellite  tracking  algorithm  and 
verified  by  the  moving  vehicle  test  under  various  kinds  of  road  conditions.  The 
size  and  number  of  the  active  array  module  can  be  easily  modified  for  various 
mobile  multimedia  service  applications. 
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Abstract  -  A  discussion  of  an  Army’s  Architecture  for  an  Electronically 
Scanned  Antenna  (ESA)  array  is  presented.  The  antenna,  suitable  for 
integration  into  systems  exploiting  the  Multifunction  Radio  Frequency  (RF) 
concept,  meets  many  of  the  needs  for  a  Future  Combat  System  (FCS)  RF 
sensor.  Many  modular  components  of  a  first  prototype  for  the  ESA  have 
been  assembled  and  tested  together  and  separately.  Among  the  sub  array 
components  are  a  Rotman  Lens  (for  azimuthal  beamforming),  ferroelectric 
true-time  delay  elements  (for  elevation  beamforming),  distributed  MMIC 
(microwave  and  millimeter  wave  integrated  circuits)  amplifiers  (for  power 
and  low-noise  requirements),  and  separate  aperture-fed  patch  antenna 
arrays  (one  for  transmitting  and  one  for  receiving).  The  design  was 
developed  from  a  requirements  standpoint  such  that  a  low  profile  ESA  could 
evolve  directly  from  the  first  prototype  work.  The  final  low  profile  version 
will  keep  the  ESA  amenable  for  non-obtrusive  insertion  on  a  variety  of 
platforms.  Various  components  of  this  antenna  have  been  fabricated  and 
tested  and  the  results  are  presented. 


I.  Introduction 

A  multifunction  sensor  for  an  FCS  sensor  will  need  an  ESA  in  order  to  rapidly 
and  arbitrarily  place  the  beam  in  a  desired  direction  for  the  different  radar  and 
communication  modes  without  moving  parts  [Figure  1].  A  working  ESA 
prototype  [1]  will  demonstrate  the  feasibility  of  the  multifunction  RF  concept. 
Using  the  initial  (working)  prototype  as  a  baseline,  subsequent  versions  can  then 
have  their  architecture  suitably  modified  to  meet  an  objective  ESA  for  FCS  sensor 
requirements.  These  requirements  include  active  and  passive  target  acquisition, 
combat  identification,  active  protection,  command  guidance,  and  secure  point-to- 
point  communications. 
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Figure  1  -  Multifunction  RF  concept  and  block  diagram  of  the  ESA  array. 


II.  THE  PATCH  ARRAY 

A  scaled  version  of  a  dual  aperture  ESA  has  as  its  goal  a  3°  azimuth  beam  that 
can  scan  over  a  ±26°  field  of  view,  while  in  elevation  it  has  a  10°  beam  that  can 
scan  over  a  ±10°  field  of  view.  The  operational  bandwidth  is  from  36.5  to  39.5 
GHz,  and  an  effective  isotropic  radiated  power  is  specified  as  greater  than  30 
dBW.  However,  an  objective  ESA  may  require  tighter  beamwidths  in  azimuth  and 
elevation,  beam  spoiling  for  broader  beamwidth  applications  and  ultimately 
higher  power  for  long-range  detection  of  low  radar  cross-section  targets. 
Therefore,  it  was  essential  to  select  an  ESA  architecture  that  has  the  scalability 
potential. 

The  narrow-beam  requirements  of  the  multifunction  RF  sensor  can  be 
achieved  with  an  array  of  low-profile  broadband  patch  radiators.  Such  an  array 
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was  fabricated  and  its  performance  measured.  This  array  is  to  be  steered  in  the 
azimuth  plane  by  appropriately  shifting  the  phase  front  using  a  Rotman  Lens 
beam  former.  The  Rotman  lens  has  multiple  ports  on  its  beam  and  array  sides. 
The  array  ports  connect  directly  to  the  antenna  array,  while  an  M  x  N  switching 
network  selects  the  beam  ports.  Ultimately,  the  array  will  be  steered  in  elevation 
by  the  addition  of  true-time  delay  transmission  lines  (ferroelectric  based)  that 
connect  to  each  coupled  fed  radiating  element.  However,  this  version  of  the  array 
utilized  integrated  frequency  scanning  to  expedite  the  overall  proof-of-concept. 

A  diagram  of  the  frequency  scanning  feed  used  in  each  of  the  32  columns 
of  the  array  is  presented  in  Figure  2.  As  real  estate  becomes  a  premium,  at  the 
operational  frequencies  required,  a  novel  technique  of  feeding  the  apertures 
orthogonally  has  been  utilized  that  maintains  the  progressive  phase  shift  between 
elements  (uniformly  fed)  while  minimizing  the  amount  of  line  length. 


Figure  2  -  Feed  configuration  for  frequency  scanning  in  elevation. 

Figure  3  shows  photographs  of  the  front  and  back  of  a  transmit/receive 
array.  There  are  two  (8  X  32)  element  arrays.  The  overall  height  (thickness)  of 
this  array  is  on  the  order  of  1/10  inch.  This  photo  shows  each  column  fed  by  two 
corporate  feeds.  Measured  patterns  are  presented  in  Figure  4. 

In  our  final  design,  each  individual  patch  in  the  columns  will  be  fed  off 
taps  of  a  ferroelectric  delay  line.  The  ferroelectric  material  is  low  profile  and 
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could  be  integrated  into  the  substrate  material  from  which  the  antenna  arrays  are 
fabricated.  Note  that  the  ferroelectric  material  would  be  positioned  over  the  small 
slots  (apertures)  as  will  be  explained  subsequently. 


Figure  3  -  Transmit  and  Receive  arrays. 


0 
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Figure  4  -  Measured  patterns  for  the  frequency-scanned  antenna  array. 
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III.  FERRO-ELECTRIC  PHASE  SHIFTERS  (ELEVATION  SCANNING) 


In  traditional  phased  arrays,  a  phase  shifter  implement  beam  steering. 
There  are  many  types  of  phase  shifter  technologies.  It  has  long  been  known  that 
ferroelectric  materials  can  be  used  to  make  such  components,  since  they  can 
provide  voltage-controlled  phase  shifts  by  virtue  of  their  nonlinear  dielectric 
response. 

Our  recent  in-house  phase  shifter  work  has  centered  on  a  true-time-delay 
approach  to  generating  the  antenna  phase  shifts,  in  which  a  tapped  delay  line 
(usually  some  sort  of  microwave  transmission  line)  is  used  to  phase  the  antenna 
signals  by  sampling  a  nondispersive  propagating  wave  at  equal  intervals  along  its 
path.  An  array  phased  in  this  way  has  a  far-field  pattern  whose  main  lobe  points  at 
an  angle  is  given  by: 


&MB  ~  SiR 


Dje 

v  d  j 


(1) 


where  D  is  the  spacing  between  taps,  d  is  the  distance  between  array  radiators, 
and  e  is  the  dielectric  constant  of  the  delay  line.  Broadband  signals  can  be 
transmitted  without  causing  the  beam  to  move,  if  £  is  frequency  independent.  This 
also  means  that  angle  is  also  frequency  independent.  .  If  the  transmission 

line  is  a  microstrip  line  on  a  ferroelectric  substrate,  the  field  dependence  of  £ 
makes  it  possible  to  steer  the  beam  electrically  with  a  single  dc  voltage  between 
the  strip  and  the  ground  plane. 

However,  there  are  problems  with  this  implementation.  In  order  to 
suppress  coupling  between  array  radiators,  the  spacing  d  between  them  is  usually 
A/2,  where  A  is  the  free-space  wavelength  of  the  carrier  signal  (typically,  a  few 
centimeters  down  to  a  millimeter  for  our  applications).  Because  dielectric 
constants  are  extremely  high  in  ferroelectrics  (1000  to  4000),  satisfying  equation. 
(1)  with  an  £  of  1000  requires  values  of  D<d/ 30 ,  and  the  delay  line  taps  must  be 
quite  close  together.  This  causes  arcing  and  cross  talk  and  makes  the  line  difficult 
to  manufacture. 


Our  approach  to  this  problem  is  to  replace  the  ferroelectric  substrate  with  a 
guiding  structure  consisting  of  a  thin  slice  of  ferroelectric  sandwiched  between 
two  “cladding”  layers  of  low-£  material  (Figure  5).  We  have  found  that  there  is  a 
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frequency  range  within  which  a  delay  line  based  on  this  structure,  which  we  call  a 
ferroelectric  slab  waveguide,  looks  like  a  microstrip  transmission  line  with  an 
“average”  dielectric  constant  much  lower  than  that  of  the  ferroelectric. 


“Cladding 

Figure  5  -  Construction  of  the  ferroelectric  true-time  delay  line. 


Figure  6  illustrates  a  technique  for  tapping  off  energy  at  progressive  time 

delays  along  the  ferroelectric  line.  The  “taps”  use  apertures  (just  like  aperture- 

Ferro-dectri  c  material 

Patch  Antennas  (terminates  here  and  would  normally 
extend  dawn  line  covering  the  apertures) 


Dunoid 


Apertures 


Transmission  lines 

Figure  6  -  Illustration  of  the  “tapped”  technique. 


coupled  patch  antennas).  The  signal  (with  its  time  delay)  is  then  coupled  to  an 
aperture  fed  patch  antenna  via  a  microstrip  line. 
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IV.  PACKAGING  FOR  LOW  NOISE  AND  POWER  AMPLIFIERS. 


All  amplifiers  (either  low-noise  or  power)  will  be  housed  in  an  octo-pac  to 
streamline  fabrication  and  maintenance  (Figure  7).  The  left  side  of  the  module 
shown  has  a  waveguide-to-microstrip  transition  to  feed  the  vertical  WR-22 
waveguide  ports  of  the  Rotman  lens.  A  Quasi- Yagi  design  developed  by  Itoh  et  al 
[2]  was  scaled  to  Ka-band  and  modeled  using  an  electromagnetic  (EM)  simulator. 
The  MMICs  are  assembled  on  carriers  with  two  channels  per  carrier  so  that 
modules  can  easily  be  repaired  in  case  of  MMIC  failure.  The  additional  microstrip 
circuits  shown  are  fabricated  on  low-loss  fused  silica  substrates.  The  right  side  of 
the  module  has  Coming  Gilbert  GPPO  push-on  connectors  to  interface  with  the 
patch  antenna  array.  These  connectors  were  selected  to  meet  the  0.188-inch 
spacing  of  the  array  elements.  Vertical  glass  bead  feedthrus  are  used  to  bring  the 
bias  up  through  the  base  of  the  module.  Bias  sequence/protection  circuits  have 
been  designed  to  properly  bias  and  protect  the  GaAs  HEMT  (high  electron 
mobility  transistor)  devices  in  the  MMICs.  A  prototype  of  the  eight-channel 
module  has  been  fabricated  and  is  shown  in  Figure  8.  The  carriers  are  shown  in 
the  module  but  have  not  been  populated  at  this  time. 


Figure  7  -  A  low-profile  package  suitable  for  power  and  low-noise  amplifiers. 
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Figure  8  -  Eight-channel  module. 


Several  Ka-band  MMICs  [3]  have  been  prototyped  and  tested  to  identify 
the  best  candidates  for  this  application.  One  of  the  low-noise  amplifiers  (LNAs) 
tested  is  shown  in  Figure  9  and  the  test  fixture  for  evaluating  the  MMICs  is  shown 
in  Figure  10.  The  gain  and  return  loss  of  the  MMICs  selected  for  the  transmit  and 
receive  modules  are  shown  in  Figure  1 1 .  The  LNA  selected  has  a  nominal  noise 
figure  of  2.1  dB,  and  the  power  amplifier  has  a  saturated  output  power  of  1  W. 


Figure  9  -  Low-noise  amplifier. 


Figure  10  -  Power  amplifier  in  test  fixture. 


Frequency  (GHz) 


Figure  1 1  -  Gain  and  return  loss  of  MMICs 
selected  for  the  transmit  and  receive  modules. 

V.  ROTMAN  LENS 

We  have  fabricated  and  tested  a  Rotman  lens  [3]  that  will  serve  as  the 
azimuthal  beamformer  for  our  ESA  (Figure  12).  This  lens  is  a  simplified  version 
of  a  Rotman  Lens  developed  for  ARL  by  the  University  of  Georgia.  Magic  Tee 
junctions  have  been  removed  to  simplify  the  manufacturing  design  with  little  loss 
in  performance.  Further  improvements  include  an  incorporated  phase 
compensation  network.  To  control  beam-select  ability,  two  concepts  for  MxN 
beam  switching  networks  are  being  developed.  One  is  a  traditional  pin  diode 
approach  capable  of  high-speed  actuation  while  the  other  concept  uses  light- 
actuated  silicon  tabs  that  can  handle  high-power  applications. 


Figure  12  -  Rotman  lens  beamformer. 
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VI.  INTEGRATED  ESA  ARRAY 

A  final  vision  of  the  architecture  for  the  ESA  is  presented  in  Figure  13. 
Note  two  Rotman  lenses  (one  for  transmit  and  one  for  receive).  The  array  side  of 
the  Rotman  lens  connects  to  the  octo-pacs  -  with  either  low-noise  or  power 
amplifiers.  The  amplifiers  are  cascaded  into  the  elevation  phase  shifters  and, 
finally,  to  the  patch  antenna  array. 


Driver  and  Power 
Amplifier  Modules 


Transmit  Array 


Receive  Array 

Low  Noise  and  Gain 
Amplifier  Module 


2X16  Switch  Arrays 


Support  Electronics 


Figure  13  -  Final  architecture  for  the  first  prototype  ESA  array. 


VII.  CONCLUSION 

A  viable  ESA  architecture  for  FCS  multifunction  RF  sensor  requirements 
has  been  developed.  Component  parts  such  as  the  antenna  array,  amplifiers,  and 
the  Rotman  lens  are  performing  as  desired  and  are  ready  for  insertion  into  a 
working  prototype.  The  ferroelectric  delay  lines  still  requires  a  high  level  of 
engineering  effort  to  ensure  proper  impedance  matching  and  a  uniform  phase 
progression  between  the  apertures.  Multifunction  field  demonstrations  of  the  ESA 
will  occur  early  next  year. 
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ABSTRACT:  Dielectric  resonator  antennas  made  from  low  loss  dielectric 
materials  are  proposed  to  be  use  at  millimeter  wave  frequencies  because  of 
their  high  radiation  efficiency  and  their  wide  bandwidth.  The  numerical 
analysis  shows  that  the  losses  at  the  ka  band  are  not  significant.  However, 
the  designer  should  be  aware  of  some  problems  that  might  exist,  such  as  the 
air  gap  effect. 


1.  Introduction: 

One  of  the  main  problems  for  millimeter  wave  antennas  is  the  material  losses 
that  deteriorate  the  antenna  performance  and  reduces  its  efficiency.  The  other 
problem  is  related  to  the  losses  of  the  feeding  network.  It  is  required  to  have  a 
highly  accurate  fabrication  process  with  very  low  tolerance.  Microstrip  antennas 
are  widely  used  in  many  frequency  bands  because  of  their  ease  of  design  and 
fabrications.  However,  at  millimeter  frequencies  the  efficiency  of  microstrip 
antenna  arrays  is  less  than  50%.  Therefore,  it  is  required  to  use  materials  with 
much  lower  losses  than  currently  in  use. 

Dielectric  resonators  are  made  of  high  dielectric  constant  materials  and 
have  been  used  efficiently  as  microwave  components  in  filter  design  because  of 
their  high  quality  factor.  Many  engineers  have  doubted  their  usefulness  as 
radiators,  thinking  that  they  would  not  be  efficient  radiators  and  that  they  would 
have  very  small  radiation  bandwidths.  It  has  been  shown,  however  that  some 
modes  have  a  small  radiation  Q-factor.  This  gives  the  indication  that  the 
bandwidth  will  be  wide.  Since,  dielectric  resonators  are  made  of  materials  with 
much  lower  losses  than  the  conducting  microstrip  patches,  it  is  recommended  to 
be  used  in  place  of  the  patches  as  radiators.  Several  techniques  have  been 
proposed  to  increase  the  bandwidth  of  the  dielectric  resonator  antennas.  Some  of 
these  techniques  achieved  a  bandwidth  of  25  to  50%  [1-3].  The  radiation 
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efficiency  has  also  been  predicted  experimentally  for  some  modes  and  found  to  be 
better  than  98%  [4].  Recently,  interest  in  small  efficient  antennas  has  increased. 
One  of  the  candidates  is  the  dielectric  resonator  antenna  (DRA),  which  is  made  of 
dielectric  material  with  a  high  permittivity  mounted  on  top  of  a  ground  plane  or 
on  a  grounded  dielectric  substrate  of  lower  permittivity  [5].  This  antenna  promises 
to  be  more  efficient  than  the  microstrip  antenna.  The  DRA  elements  are  good 
candidates  for  array  applications  [6].  At  millimeter  frequencies,  the  feeding 
network  causes  most  of  the  losses.  DRA  array  can  be  fed  with  low  loss  feeding 
mechanism  such  as  dielectric  image  waveguide  [7]. 

An  overview  will  be  given  for  the  development  of  the  DRA  and  the 
possible  problems  that  might  exist  in  the  construction  of  the  antenna.  Some  results 
at  different  frequency  bands  will  be  presented  to  show  the  potential  of  using  the 
DRA  at  the  millimeter  frequency  bands. 


2.  DRA  at  millimeter  frequencies: 

a)  Probe  Excitation:  A  conical  dielectric  resonator  is  considered  as 
shown  in  Fig.  1 .  The  cone  radii  are  au  and  aL  and  height  h  is  excited  by  a  coaxial 
probe  of  length  £w  and  radius  aw.  The  probe  is  parallel  to  the  z-axis  and  off  the 
DRA  center  by  a  radial  distance  pw.  The  probe  excitation  might  not  be  suitable 
from  the  practical  point  of  view  at  these  frequencies.  However,  the  coaxial  probe  is 
considered  for  ease  of  the  analysis  and  to  have  some  ideas  about  the  proper 
dimensions  of  the  DRA  at  millimeter  frequencies.  As  a  special  case  of  the  above 
geometry,  a  dielectric  resonator  disc  above  an  infinite  ground  plane  and  a  finite 
ground  plane  is  considered.  The  HEM  ns  mode  is  excited  for  broadside  radiation. 
The  antenna  parameters  are  au=ai=a=  1.1mm,  h=lmm,  £h=12,  tw=0.9mm, 
aw=0.1mm  and  pw=0.9mm.  The  input  impedance  and  the  reflection  coefficient  are 
computed  in  Fig.  2  and  3,  respectively,  using  the  method  of  moments  [8-9]  for  three 
cases,  the  lossless  infinite  ground  plane,  lossless  square  finite  ground  plane  and  lossy 
square  finite  ground  plane  of  length  20mm  made  from  copper.  In  the  lossy  case,  the 
dielectric  is  considered  with  conductivity  c=0.002  S/m.  It  can  be  noticed  that  the 
resonant  frequency  is  shifted  up  to  a  higher  frequency  in  the  case  of  finite  ground 
plane.  There  is  no  significant  difference  between  lossy  and  lossless  cases.  This  is  an 
indication  that  the  analysis  with  no  losses  is  acceptable  and  valid.  This  is  also  an 
indication  of  the  high  radiation  efficiency  of  the  DRA  as  reported  before  [4].  This 
antenna  achieved  about  6%  bandwidth  for  better  than  -lOdB  reflection  with  50D 
nominal  reference  impedance.  As  an  indication  that  the  HEMns  mode  is  excited, 
the  radiation  patterns  for  the  above  three  cases  are  computed  at  33.25GHz  as  shown 
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in  Fig.  4.  The  lossy  and  lossles  case  of  finite  ground  plane  are  identical.  The 
radiation  patterns  are  of  broadside  type. 


Fig.  1  Geometry  of  the  DRA  excited  by  a  coaxial  probe. 


Frequency  (GHz) 


Fig.  2  Input  impedance  of  a  dielectric  resonator  disc  excited  by  a  coaxial  plane  with 
au=aL=a=  1.1mm,  h=lmm,  £t=12,  fw=0.9mm,  aw=0.1mm  and  pw=0.9mm.  A  copper 
conductor  is  used  and  lossy  dielectric  with  0=0.002  S/m. 
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Fig.  3  Reflection  coefficient  of  a  dielectric  resonator  disc  excited  by  a  coaxial  plane 
with  au=ai=a=l.lmm,  h=lmm,  £r=12,  £w=0.9mm,  aw=0.1mm  and  pw=0.9mm.  A 
copper  conductor  is  used  and  lossy  dielectric  with  a=0.002  S/m. 


o  0 
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b)  Slot  excitation:  The  narrow  slot  excitation  is  also  considered  as  shown  in 
Fig.  5.  The  geometry  of  the  DRA  with  narrow  slot  excitation  is  shown  in  Fig.  5a 
and  the  parameters  of  the  slot  coupled  to  the  microstrip  transmission  line  are  shown 
in  Fig.  5b.  The  input  impedance  and  the  return  losses  are  computed  using  the 
method  of  moments  [10].  Fig.  6  and  7  show  the  input  impedance  and  the  return 
losses,  respectively,  of  a  dielectric  disc  above  an  infinite  ground  plane  excited  by  a 
narrow  slot  with  au=ai=a=l.lmm,  h=lmm,  £,=12,  ws=  50|im,  Ls=  1.4mm,  Lt= 
4.54mm,  ys=  0.0mm,  es=2.96,  and  d=63.5pm.  The  disc  dimension  is  the  same  as 
that  used  above  with  the  wire  excitation,  but  the  lOdB  bandwidth  is  4.5%.  The 
bandwidth  may  be  improved  by  a  proper  design  for  the  coupling  of  the  slot  with 
the  transmission  line.  It  can  also  be  noted  that  the  minimum  reflection  coefficient 
occurs  at  a  frequency  different  from  the  frequency  of  the  input  resistance  peak. 
The  matching  band  can  be  shifted  to  the  input  resistance  peak  position  by  shifting 
the  microstrip  transmission  line  off  the  center  of  the  slot. 


Fig.  6  (a)  Antenna  geometry,  (b)  Parameters  of  the  slot  and  microstrip 
transmission  line  exciting  a  dielectric  resonator  with  circular  base.  The  circle  is 
the  dielectric  surface  intersecting  the  ground  plane.  The  solid  rectangle  is  the  slot 
and  the  dashed  line  is  the  microstrip  line  under  the  ground  plane  and  the  slot. 
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Frequency  (GHz) 

Fig.  6  Input  impedance  of  a  DR  disc  excited  by  a  narrow  slot  with  au=aL=a=  1 . 1  mm, 
h=lmm,  £r=12,  ws=  50pm,  Ls=  1.4mm,  Lt=  4.54mm,  ys=  0.0mm,  es=2.96,  and 

d=63.5pm. 


Frequency  (GHz) 


(b) 

Fig.  7  Reflection  coefficients  of  a  DR  disc  excited  by  a  narrow  slot  with 
au=aL=a=l.lmm,  h=lmm,  £,=12,  ws=  50pm,  Ls=  1.4mm,  Lt=  4.54mm,  ys= 
0.0mm,  es=2.96,  and  d=63.5pm. 


Another  example  of  a  bicone  dielectric  resonator  is  considered  with  au=  5mm,  ai= 
1.2mm,  h=  1.12mm,  £r=12,  ws=  90pm,  Ls=  1.8mm,  Lt=  1.27mm,  ys=  0.5mm,  es 
=2.96,  and  d=63.5|im.  The  input  impedance  is  shown  in  Fig.  8  and  the  reflection 
coefficient  is  shown  in  Fig.  9.  This  antenna  achieved  approximately  a  50% 
matching  bandwidth  with  better  than  -10  dB  reflections.  Within  the  frequency 
band  four  modes  are  excited,  each  at  different  frequency.  Unlike  the  off  center 
probe  excitation  all  these  modes  have  field  distributions  in  the  form  of  coscp 
variations  because  the  narrow  slot  is  centered  with  the  symmetry  axis  of  the  DR. 
Therefore,  the  far  field  radiations  will  be  of  broadside  type.  Also,  it  should  be 
mentioned  that  the  symmetric  slot  excitation  eliminates  the  cross-polarization  in 
the  H-plane. 


Fig.  8  Input  impedance  of  a  bicone  DR  excited  by  a  narrow  slot  with  au=  5mm,  aL= 
1.2mm,  h=  1.1 2mm,  £,=12,  ws=  90pm,  Ls=  1.8mm,  Lt=  1.27mm,  ys=  0.5mm,  es 
=2.96,  and  d=63.5pm. 
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Fig.  9  Reflection  coefficient  of  a  bicone  DR  excited  by  a  narrow  slot  with  ay-  5mm, 
aL=  1.2mm,  h=  1.1 2mm,  £,=12,  ws=  90pm,  Ls=  1.8mm,  Lt=  1.27mm,  ys=  0.5mm, 
es=2.96,  and  d=63.5jim. 


2.  Air  gap  effect  on  the  DR  performance: 

One  of  the  problems  related  to  the  fabrication  and  assembly  of  the  DRA  above  a 
conducting  ground  plane  is  the  possibility  of  having  an  invisible  air  gap  between 
the  dielectric  materials  and  the  ground  plane  [11-12].  If  the  air  gap  is  not 
controlled  and  is  not  considered  during  the  design  of  the  antenna,  the  obtained 
results  from  the  antenna  will  be  much  different  from  what  was  predicted.  This 
problem  was  investigated  before  at  low  frequencies.  If  we  scale  the  antenna 
dimensions  we  can  use  the  same  results.  The  scaled  antenna  is  a  dielectric  disc 
with  radius  a=1.7mm,  height,  h=1.6mm,  and  dielectric  constant,  £r=12  above  a 
ground  plane  and  is  excited  by  a  coaxial  probe  with  wire  along  the  disc  axis.  In 
this  case  an  omni-directional  radiation  patterns  can  be  obtained  because  the  TMU8 
mode  is  excited.  The  wire  radius  aw=2.35(im,  and  length  fw=0.844mm.  The 
measured  input  impedance  of  this  antenna  is  shown  in  Fig.  10  with  and  without  an 
air  gap.  It  can  be  seen  that  the  air  gap  has  shifted  the  resonant  frequency  up.  The 
shift  increases  as  the  dielectric  constant  increases  or  as  the  air  gap  width 
increases.  More  examples  will  be  presented  to  show  the  effect  of  the  dielectric 
constant  on  the  input  impedance  and  the  resonant  frequency.  One  of  the 
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suggestions  to  eliminate  this  problem  is  to  use  a  conductive  adhesive  to  glow  the 
DR  with  the  ground  plane. 


Fig.  10  Input  impedance  of  a  cylindrical  dielectric  resonator  with  a=  1.7mm, 
h=  1.6mm,  aw=23.5|im,  £w=0. 844mm,  and  12.0. 


3.  CONCLUSIONS 

Numerical  investigation  is  performed  to  study  the  possibility  of  using  dielectric 
resonator  antennas  at  millimeter  frequencies.  The  analysis  shows  that  this  antenna 
could  be  a  good  candidate  at  these  frequencies.  Two  different  excitation 
mechanisms  were  investigated.  The  slot  excitation  shows  a  very  promising 
method  to  be  used  because  it  does  not  require  any  machining  to  place  the  wire 
probe  inside  the  DR.  It  was  pointed  out  the  possible  problem  that  might  exist  due 
to  presence  of  unpredicted  air  gap  between  the  DR  and  the  ground  plane. 
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Abstract 

As  mobile  communication,  satellite  navigation  and  broadcast  services  become 
prevalent,  antenna  systems  are  increasingly  important  for  vehicle  design.  In  order 
to  maintain  the  shape  of  a  vehicle,  antennas  are  often  placed  in  a  complex 
environment,  such  as  under  a  sunroof  or  on  a  non-ideal  ground  plane.  Therefore, 
the  radiation  patterns  highly  depend  on  antenna  location  and  surrounding 
scatterers.  With  numerical  simulation,  we  can  easily  explore  different  design  factors 
of  prototype  antennas.  Although  the  multilevel  fast  multipole  algorithm  (MLFMA) 
has  been  applied  to  solve  for  radiation  from  vehicle  antennas,  available  examples 
only  involve  simple  monopoles.  In  this  paper,  we  make  MLFMA  practical  for 
solving  complex  antenna  systems  by  enhancing  it  with  the  basis  normalization  (BN) 
and  the  self-interaction  box  inclusion  (SBI)  preconditioners.  The  above 
preconditioners  significantly  reduce  the  time  for  solving  an  ill-condition  problem 
due  to  disparate  mesh  sizes  and  strong  current  interaction  at  the  vicinity  of  antenna 
feeds.  Simulation  results  are  validated  by  measurements  done  in  an  anechoic 
chamber. 

I.  Introduction 

Simulation  of  vehicle  antennas  has  long  been  an  interest  of  electromagnetics  society. 
Originally,  only  airborne  and  shipbome  antennas  were  analyzed  because  of  defense 
applications.  Most  of  the  simulations  were  done  on  supercomputers  or  high-end 
workstations.  As  personal  computers  become  cheaper  and  more  powerful  in  recent  years, 
the  simulation  can  be  done  on  PCs  for  antennas  on  a  full-sized  vehicle  with  integral- 
equation  based  methods  or  hybrid  methods.  The  emerging  mobile  communication  also 
shifts  the  interests  to  simulation  of  personal  communication  devices  on  automobiles.  For 
example,  FM  (98  MHz)  and  cellular-phone  (860  MHz)  antennas  were  simulated  by  the 
method  of  moments  (MOM)  for  a  Golf  GL  in  [1,2].  However,  the  MOM  is  limited  by  its 
computational  complexity  and  requires  humongous  resources  for  simulating  a  whole 
vehicle  at  PCS  (1850-1990  MHz),  GPS  (1227  and  1575  MHz),  and  SDARS  (2332-2345 
MHz)  bands. 
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A  hybrid  method,  such  as  MOM  plus  physical  optics  (PO)  or  uniform  theory  of 
diffraction  (UTD),  is  more  practical  for  solving  high-frequency  radiation  from  antennas 
and  vehicles  simultaneously.  The  hybrid  MOM/PO  with  an  edge  correction  factors  has 
been  applied  for  solving  radiation  from  vehicle  antennas  [3,4].  However,  the  hybrid 
method  is  based  on  many  assumptions.  First,  the  MOM  region  usually  contains  an 
electrically  small  antenna  and  the  current  radiates  in  presence  of  an  electrically  large, 
smooth  ground  plane,  where  the  PO  current  is  solved.  Although  the  interaction  between 
the  MOM  and  PO  regions  is  captured  by  a  first-order  approximation,  the  hybrid  method 
works  best  when  there  is  no  backscattering  into  the  MOM  region.  The  hybrid  method 
also  assumes  few  unknowns  in  the  MOM  region.  Therefore,  a  direct  solver  can  be 
applied.  The  most  important  restriction  is  that  the  hybrid  method  is  not  developed  for 
dielectric  scatterers.  Hence,  the  interaction  between  antennas  and  human  beings  cannot 
be  simulated. 

The  antenna  structures  presented  in  this  paper  are  mounted  on  a  ground  plane 
(antenna  tray)  that  is  neither  electrically  large  nor  smooth.  One  has  to  truncate  the  MOM 
region  manually  in  the  hybrid  method,  where  the  accuracy  of  results  highly  depends  on 
the  experience  of  an  engineer.  In  addition,  the  antennas  are  adjacent  to  each  other  and  the 
assumption  of  zero  backscattering  cannot  be  applied.  When  antennas  are  placed  inside  a 
car,  there  are  backscattering  from  car  body  and  the  long-range  interaction  cannot  be 
neglected.  Moreover,  the  MOM  region  contains  4,000  to  10,000  unknowns,  which 
requires  large  computational  resources  if  a  direct  solver  is  used. 

In  this  paper,  we  will  present  a  fast  algorithm  that  can  solve  complex  antenna 
structures  mounted  on  vehicles  with  an  optimal  computational  complexity  as 
0( N  log  N) .  The  algorithm  works  for  various  dielectric  scatterers,  such  as  lossy 
inhomogeneous  dielectric  blocks,  thin  dielectric  sheets,  and  dielectric  coated  metal 
surfaces.  Since  the  main  disadvantage  of  the  MLFMA  is  the  high  iteration  number  for 
solving  ill-conditioned  radiation  problem,  we  will  introduce  BN  and  SBI  preconditioners 
as  remedies. 

2.  Formulation 

Antenna  radiation  and  scattering  problems  involving  conducting  surfaces,  wires, 
surface-wire  junctions,  and  inhomogeneous  dielectric  materials  can  be  solved  the  hybrid 
volume-surface  integral  equation  (VSIE)  [5] 


where  Js,  Jw,  Jy,  and  Jv  are  electric  current  densities  on  surfaces  S,  wires  W , 
surface-wire  junctions  J ,  and  in  dielectric  regions  V ,  respectively.  Ms  is  the  magnetic 

current  density  on  imperfectly  conducting  surfaces  S .  E,nc  and  E  are  the  incident  and 
total  fields,  respectively.  The  electric  field  integral  equation  (EFIE)  operators  £a  and  the 
magnetic  field  integral  equation  (MFIE)  operator  /Cs  are 
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where  g  is  the  free  space  Green’s  function.  For  imperfect  conducting  surfaces,  such  as 
lossy  conducting  surfaces  or  conducting  surfaces  with  thin  dielectric  coating,  the 
impedance  boundary  condition  (IBC)  can  be  applied  to  reduce  the  number  of  unknowns 
on  surface  S .  When  the  surfaces  are  resistive  sheets  (RS)  or  thin  dielectric  sheets  (TDS), 
the  VSIE  has  the  following  form 


4(r,rOJ5(rO-ZA(r')+^r(r,r')J)r(rO+A(r,r')Jy(rO+^(r,rOJr(r')|tai]=-Ete(r)|b 


r  eS,W,J, 


4(r,  r')Js(r')  -  Z^r') +^(r,  r')Jw(r') + 4(r,  r')J>') + /^r,  r')J.(r')  -  E(r)  =  -E^(r), 
reV, 


where  Zs  is  the  surface  impedance.  The  TDS  formulation  is  based  on  a  limiting  case  of  a 
volume  integral  equation  [6]. 

The  VSIE  can  be  solved  numerically  by  the  method  of  moments  (MOM).  However, 
one  can  get  the  same  solution  with  less  memory  requirement  and  CPU  time  by  MLFMA 
[5,7].  Since  MLFMA  relies  on  iterative  solvers,  a  high  iteration  number  is  the  bottleneck 
for  solving  ill-conditioned  radiation  problems.  The  condition  of  impedance  matrix  is 
deteriorated  by  various  factors,  such  as  multiple  reflection  of  waves,  singular  distribution 
of  current,  antennas  operating  at  resonant  frequencies,  disparate  mesh  sizes,  etc. 

For  antenna  structures  consist  of  electrically  small  features  and  a  large  ground  plane 
(Fig.  1),  an  adaptive  mesh  is  required  for  reducing  the  number  of  unknowns. 
Consequently,  the  self-interactions  associated  with  small  elements  are  much  stronger  than 
those  of  regularly  sized  elements.  In  order  to  equalize  the  magnitude  of  eigenvalues,  the 
diagonal  elements  of  an  impedance  matrix  are  normalized  by  a  congruence 
transformation.  Suppose  the  original  matrix  equation  is  Ax  =  b,  where  A  and  b 
represent  the  impedance  matrix  and  excitation  vector,  respectively.  The  new  matrix 

equation  is  (D  •  A  -  D)*D_1  x  =  D  b .  The  procedure  is  called  basis  normalization  (BN). 
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The  original  MLFMA  [7]  is  incorporated  with  a  block-diagonal  preconditioner  (BDP) 
that  is  effective  for  scattering  problems.  A  BDP  uses  the  block-diagonal  part  of  the 
impedance  matrix  as  a  preconditioner.  Suppose  the  original  matrix^  is 
(A0  +  Aj)x  +  A2x  =  b ,  where  A0  is  the  block-diagonal  part  of  the  near  interaction,  A,  is 

the  non-block-diagonal  part  of  the  near  interaction,  and  A2  is  the  far  interaction.  Then, 
the  new  matrix  equation  is  x+ A^1  *(A,  -x  + A2  -x)  =  A,,1  -b.  If  the  current  near  the  feed 

of  an  antenna  is  initially  solved  by  A'1  and  the  block  is  large  enough  to  enclose  the 
whole  antenna,  the  load  of  the  iterative  solver  is  greatly  alleviated.  The  procedure  of 
shifting  MLFMA  blocks  to  include  operating  antennas  is  called  self-interaction  box 
inclusion  (SBI). 

The  above  algorithms  have  been  validated  for  simple  antenna  structures  with  analytic 
solutions  and  different  numerical  implementations.  In  the  following  section,  we  will 
present  simulation  by  MLFMA  with  BN  and  SBI  preconditioners  for  PEC  structures. 

3.  Examples 

The  first  example  demonstrates  the  effectiveness  of  BN  and  SBI  preconditioners  for  a 
conjugate  gradient  (CG)  solver.  The  antennas  and  the  ground  plane  (Fig.  1)  are  first 
discretized  into  triangular  patches  and  wire  segments.  Because  the  feed  is  located  at  the 
central  antenna,  it  is  enclosed  in  a  SBI  box.  The  current  interaction  within  the  box  is 
solved  by  a  direct  solver.  For  the  10,944-unknown  problem,  MOM  requires  938  MB  of 
memory  and  2.5  hours  (9,009  sec.)  of  CPU  time  on  a  Dec  Alpha  700MHz  workstation. 
However,  a  three-level  MLFMA  only  requires  365  MB  of  memory.  The  iteration 
numbers  and  total  CPU  time  for  different  preconditioners  are  listed  in  Table  I.  Although 
the  error  bounds  for  all  preconditioners  are  set  at  0.001,  the  solutions,  i.e.  the  input 
impedances,  are  different  due  to  the  change  of  impedance  matrices  and  solution  space. 


Figure  1.  Disk  monopole  antennas  mounted  on  a  ground  plane. 
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Table  I.  Performance  of] 

Different  Preconditioners 

Preconditioner 

Iteration  number 

BN 

4,951 

25,128 

BDP+BN 

872 

4,873 

BDP+BN+SBI 

217 

3,365 

100.88+j3 12.29 

Once  the  antenna  radiation  problems  are  solved  efficiently,  the  next  question  is  how 
well  the  solution  agrees  with  measurement.  The  structure  in  Fig.  1  is  further  mounted  on 
an  antenna  tray  and  its  azimuth-plane  radiation  pattern  is  measured  in  an  anechoic 
chamber.  The  measurement  is  compared  with  the  simulation  by  a  four-level  MLFMA  in 
Fig.  2. 

0 


Figure  2.  Measured  (blue)  and  simulated  (red)  radiation  patterns  of  a  disk  monopole 
antenna  mounted  on  an  antenna  tray.  Radiation  patterns  are  normalized  at  10  dB  down. 

Our  ultimate  goal  is  to  develop  an  antenna  simulation  tool  that  can  simulate  arbitrary 
antenna  structures  mounted  on  a  full-sized  car.  The  limitation  is  mainly  due  to  the  size  of 
DRAMs  in  a  computer.  When  the  structure  consists  of  only  resistive  surface  and  wires, 
the  symmetry  of  radiation  and  receiving  patterns  can  be  used.  The  memory  requirement  is 
reduced  by  58%  compared  with  that  for  structures  with  dielectric  materials  or  impedance 
surfaces  (Fig.  3). 
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Figure  3.  Memory  requirement  for  simulating  antennas  mounted  on  a  full-sized  car. 

To  test  the  radiation  patterns  of  antenna  on  different  ground  planes,  the  antenna  used 
in  the  anechoic  chamber  measurement  is  mounted  on  a  full-sized  car  in  Fig.  4.  Azimuth- 
plane  radiation  patterns  for  three  settings  are  compared  in  Fig.  5:  antennas  with  the  rim  of 
sunroof,  antennas  with  the  whole  car  roof,  and  antennas  with  the  whole  car.  As  the  size  of 
ground  plane  increases,  more  high  frequency  interference  patterns  appear  in  the  radiation 
patterns.  For  the  last  setting,  a  seven-level  MLFMA  requires  931  MB  of  memory  and  4 
hours  of  CPU  time  to  solve  the  177,734-unknown  problem. 


Figure  4.  A  full-sized  car  for  mounting  the  antenna  tray. 
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Figure  5.  Radiation  patterns  of  antennas  on  different  ground  planes.  Antennas  with  the 
rim  of  sunroof  (red),  antennas  with  the  whole  car  roof  (green),  and  antennas  with  the 
whole  car  (blue). 

It  is  impossible  to  simulate  complex  antenna  structures  mounted  on  a  whole  car 
without  using  SBI.  Even  if  BN  and  BDP  are  applied,  the  convergence  rate  of  the 
generalized  minimal  residual  (GMRES)  solver  without  SBI  is  still  extremely  slow  (Fig. 
6).  Only  SBI  enables  us  reach  an  error  bound  of  0.01  within  reasonable  simulation  time. 


Figure  6.  Residual  for  GMRES  solvers  with  (blue)  and  without  (green)  a  SBI 
preconditioner. 

4.  Conclusion 

A  general  VSIE-MLFMA  algorithm  is  presented  for  solving  antenna  radiation  and 
scattering  in  a  complex  environment.  In  order  to  reduce  the  iteration  number  for  solving 
ill-conditioned  radiation  problems,  the  BN  and  SBI  preconditioners  are  applied.  The 
algorithm  enables  us  to  solve  real-world  antenna  problems  within  a  reasonable  time  on  a 
workstation. 
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Abstract:  A  three-frequency,  dual-polarized  FSS  subreflector  is  needed  to 
combine  an  existing  33-  and  95-GHz  feed  with  a  new  13  GHz  feed,  creating 
the  next  generation  of  polarimetric  cloud  radars.  The  millimeter  wave 
operating  frequencies  limit  the  choice  of  dielectric  materials  and  fabrication 
techniques.  This  study  considers  means  to  achieve  good,  dual-polarization 
transmission  at  13-GHz  and  good,  dual-polarization  reflection  at  33  and  95 
GHz.  Crossed  dipoles  that  are  tightly  coupled  to  linear  dipoles  provide  an 
easily  fabricated  surface  with  control  over  both  the  reflection  properties  and 
the  cross-polarization.  The  paper  shows  predicted  performance  of  the  FSS, 
which  met  the  goals  at  33  and  95  GHz.  Means  to  improve  the  performance  at 
13  GHz  are  suggested. 

1.  Introduction 

The  University  of  Massachusetts  operates  a  dual-frequency,  dual-polarized  radar 
system  for  cloud  studies.  The  radar  operates  at  33  and  95  GHz  in  a  dual-linear 
polarimetric  mode.  The  primary  aperture  of  the  antenna  system  is  a  1-m 
polystyrene  lens  with  F/D  =1.8.  A  custom  feed  was  designed  to  incorporate  both 
frequencies  and  polarizations  so  that  alignment  of  the  beams  would  be  insured  so 
long  as  the  feed  remains  in  tact.  A  program  of  study  was  undertaken  to  design  an 
upgrade  to  the  radar  system  to  (1)  increase  the  aperture  to  2  meters  and  (2)  add  a 
13-GHz  dual-polarized  channel.  A  candidate  design  employing  a  2-m  offset 
reflector  and  the  existing  33/95  GHz  feed  was  proposed,  Fig.  1.  The  critical 
component  of  this  design  is  a  three-frequency,  dual-polarized  FSS  that  separates 
the  new  13  GHz  signal  from  the  33/95  GHz  signals.  Prior  to  undertaking  the 
design  of  a  complete  2-m,  offset  antenna  system,  the  properties  of  the  FSS  were 
studied  to  determine  if  performance  goals  could  be  met. 
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This  paper  describes  some  of  the  FSS  configurations  that  were  considered  and 
some  lessons  learned  during  the  study.  A  critical  aspect  of  the  FSS  design  is  its 
performance  at  the  millimeter  wave  frequencies,  33  and  95  GHz.  The  wide 
separation  of  these  frequencies  and  the  short  wavelengths  are  likely  to  create 
problems  for  design  and  fabrication  of  the  FSS.  Our  study  focused  on  these  two 
frequencies  and  emphasized  printed  elements  on  a  readily  available  substrate 
(Duroid  5880)  known  to  be  useful  up  to  95  GHz.  These  restrictions  eliminated 
some  of  the  traditional  FSS  design  parameters,  but  led  to  some  interesting  results 
that  may  be  useful  in  other  FSS  applications.  In  particular,  a  combination  of 
crossed  dipoles  and  linear  dipoles  separated  by  a  thin  dielectric  layer  can 
separately  control  the  reflection  frequency  and  cross-polarization  level  of  a  dual¬ 
resonant  FSS.  The  13-GHz  performance  of  the  various  FSS  structures  is  included 
in  the  study,  but  further  optimization  for  this  frequency  was  not  pursued. 

At  the  conclusion  of  this  study,  a  three-frequency  FSS  was  obtained  that  met 
stringent  reflection  specifications  at  33  and  95  GHz,  and  performs  moderately 
well  at  the  transmission  frequency  of  13  GHz.  Improvement  of  the  13-GHz 
performance  may  be  possible  by  methods  discussed  in  the  paper. 


13  GHz 
Feed 


Figure  1.  Proposed  configuration  for  three-frequency,  dual-polarized  antenna  system.  A 

multi-layer  FSS  (MLFSS)  is  used  to  separate  the  beams  into  two  channels. 
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2.  Requirements 

The  requirements  for  the  three-frequency  antenna  feed  system  are  summarized  in 
Table  1.  The  feed  system  should  have  equal  beamwidths  at  all  three  frequencies 
in  order  to  fully  utilize  the  2-m  aperture  at  all  frequencies. 


Table  1 .  Antenna  Feed  Requirements 


Frequencies 

13,  33  and  95  GHz 

Bandwidth 

200  MHz  at  each  frequency 

Polarization 

Dual-linear  (H  and  V) 

Beamwidth  @  -lOdB 

29°  +/-  3° 

Integrated  Cross-pol  over  -10  dB  beamwidth 

<  -30  dB  (two-way) 

Reflection  &  Transmission  Loss 

<  0.5  dB  for  ideal  materials 

Phase  Center  Coincidence 

<45° 

The  integrated  cross-polarization  requirement  is  necessary  to  extract 
depolarization  information  about  cloud  particles  within  the  illuminated  volume. 
Because  the  feed  has  a  -10  dB  beamwidth  of  29°,  the  planar  FSS  is  required  to 
operate  over  this  range  of  incidence  angles.  Geometrical  considerations  of  the 
antenna  system  suggested  that  the  FSS  be  designed  to  operate  for  angles  of 
incidence  ranging  from  15°  to  45°. 

For  the  purposes  of  the  design  study,  the  bandwidth  of  the  FSS  was  defined  as  the 
range  of  frequencies  over  which  reflected  (transmitted)  power  is  greater  than  -0.5 
dB  relative  to  the  incident  power  and  the  reflection  (transmission)  coefficient 
phase  varies  by  less  than  45°.  Additionally,  the  difference  in  the  reflection 
coefficient  phases  for  the  33  and  95  GHz  reflection  bands  should  be  limited  to 
45°.  These  phase  requirements  insure  that  the  reflector  system  can  be  properly 
focused  at  all  three  frequencies,  but  also  dictate  that  the  33  and  95  GHz  reflecting 
layers  should  be  very  close  together  to  avoid  strong  angular  variation  of  the 
phases  at  33  and  95  GHz.  Finally,  to  avoid  the  need  to  compute  integrated  cross¬ 
polarization  of  the  FSS  system,  which  depends  on  the  details  of  the  feed  pattern,  a 
peak  limit  of -30  dB  is  considered  for  cross-polarization.  This  is  slightly  more 
restrictive  than  the  integrated  cross-polarization  specification  in  Table  1,  but 
experience  with  the  original  dual-frequency  antenna  showed  that  the  integrated 
cross-polarization  is  usually  only  2-3  dB  better  than  the  peak  value. 
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3.  Design  Study 
Background 

The  proposed  configuration  in  Fig.l  requires  that  the  FSS  transmit  the  lowest 
frequency,  13  GHz,  and  reflect  both  the  33  and  95  GHz.  A  complementary 
configuration  would  interchange  the  locations  of  the  horn  feeds  and  reverse  the 
reflection  and  transmission  properties  of  the  FSS.  After  some  preliminary 
analysis,  the  configuration  in  Fig.  1  was  selected  because  it  seems  to  fulfill  the 
requirements  better  than  a  complementary  screen.  Because  of  the  requirement  to 
reflect  two  frequencies  and  transmit  a  third,  a  multi-layer  FSS  with  multiple 
resonant  frequencies  was  required.  Past  experience  with  multi-layer  screens 
comprised  of  linear  dipoles  (single  polarization)  and  with  crossed  dipoles  led  to 
the  choice  of  crossed  dipoles  for  this  design  study.  A  means  to  achieve  two- 
frequency  reflection  is  illustrated  by  the  dual-resonant  FSS  comprised  of 
separated  layers  of  crossed  dipoles,  such  as  that  in  Fig.  2. 


(b) 

Figure  2.  Dual-resonant  crossed  dipole  FSS. 
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The  plot  in  Fig.  3  depicts  the  reflection  coefficient  of  a  typical  dual-resonant, 
multi-layer  FSS.  By  adjusting  various  parameters  of  the  multi-layer  FSS,  the 
frequencies  and  bandwidths  of  the  reflection  and  transmission  bands  can  be 


Frequency 


Figure  3.  Sample  reflection  curve  for  dual-resonant,  multi-layer  FSS. 

controlled.  However,  not  all  combinations  of  reflection  and  transmission 
frequencies  are  feasible.  For  the  proposed  antenna  configuration  in  Fig.  1,  the 
band  spacings  are 


fn  /  fti  =  33  /  13  =  2.54 
fr2/fri  =  95/33  =  2.88. 


These  requirements  are  challenging  because: 

1)  The  low-frequency  transmission  band,  ftj,  occurs  because  the  dipoles  become 
electrically  small  so  that  long  wavelengths  passing  through  the  screen  are  only 
slightly  affected.  The  lower  frequency  of  13  GHz  is  not  sufficiently  below  the 
required  resonance  of  the  longer  dipoles  (33  GHz)  for  this  to  occur.  This  problem 
was  not  a  major  consideration  in  the  present  study.  It  is  addressed  briefly  at  the 
end  of  the  paper. 

2)  The  large  ratio  of  the  two  reflection  frequencies  makes  it  difficult  to  obtain 
good  reflection  properties  at  both  frequencies  and  avoid  grating  lobes  at  95  GHz. 

3)  The  optimum  cross-polarization  performance  of  the  crossed  dipole  FSS  does 
not  occur  at  the  frequencies  where  optimum  reflection  occurs. 

4)  Although  the  dielectric  layers  surrounding  and  supporting  the  printed  elements 
significantly  affect  FSS  performance,  the  availability  of  dielectric  materials 
suitable  for  use  at  95  and  33  GHz  was  considered  to  be  a  problem,  so  this  study 
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concentrated  on  ways  to  improve  FSS  performance  by  introduction  of  additional 
layers  of  dipoles  printed  on  standard  substrates.  Such  a  configuration  is  believed 
to  be  a  viable  means  to  fabricate  a  reliable  FSS  operating  at  millimeter 
wavelengths. 

In  the  parameter  study  below,  single-layer  crossed  dipole  FSS  are  examined  first 
to  illustrate  the  dependence  of  cross-polarization  on  element  dimensions  and  unit 
cell  size.  These  examples  are  tuned  near  33  GHz.  Next,  a  second  high-frequency 
FSS  layer  is  added  to  obtain  a  dual-resonant  FSS.  This  95-GHz  layer  is  separated 
from  the  33-GHz  layer  by  a  thin  (10  mil)  Duroid  substrate.  Significant  power  is 
lost  to  grating  lobes,  degrading  the  high-frequency  reflection  band.  Both 
rectangular  and  triangular  grids  are  studied,  but  neither  is  satisfactory.  The  best 
design  employs  a  10-mil  foam  layer  plus  a  10-mil  Duroid  layer  to  separate  the 
crossed  dipole  layers.  This  reduces  the  coupling  between  dipole  layers  and 
significantly  reduces  the  power  lost  to  grating  lobes  such  that  proper  operation  of 
the  high  frequency  reflection  band  is  obtained. 

Two  problems  are  common  throughout  the  cases  described  above.  First,  the 
cross-polarization  of  the  transmit  band  (13  GHz)  is  -20dB  on  average  and  the 
power  transmitted  does  not  consistently  meet  the  —0.5  dB  requirement.  The 
second  problem  relates  to  the  cross-polarization  of  the  reflection  bands.  The 
optimum  cross-polarization  is  obtained  at  a  lower  frequency  than  the  optimum 
reflection.  An  additional  33-GHz  FSS  layer  is  added,  consisting  of  linear  dipoles 
printed  on  the  opposite  side  of  the  10-mil  substrate  and  offset  from  the  center  of 
the  crossed  dipoles.  These  two  layers  are  tightly  coupled,  producing  dipoles  with 
effective  lengths  that  are  greater  than  their  physical  lengths,  and  that  may  be 
greater  than  the  unit  cell  size.  The  extra  degrees  of  freedom  obtained  in  this  way 
allow  the  dipole  length  to  be  tuned  so  that  the  frequency  of  optimal  cross- 
polarization  and  the  resonant  frequency  coincide. 

Single  Layer  Crossed  Dipole  FSS 

Single  layer  crossed  dipole  FSS  are  examined  to  understand  the  effect  of  dipole 
dimensions  and  cells  sizes  on  cross-polarization  performance.  The  dimensions  of 
the  FSS  are  defined  in  the  unit  cell  shown  in  Figure  4.  Figure  5  shows  the 
transmitted  and  reflected  power,  phase,  and  cross-polarization  for  A  =  4.0  mm 
and  L  =  3.45, 3.55,  3.65,  and  3.75  mm.  The  dipole  widths  are  equal  to  10%  of  the 
dipole  lengths  and  the  elements  are  printed  on  a  10-mil  substrate  with  er  =  2.2. 

The  frequency  response  is  plotted  for  incident  angles  of  0  =  45°  and  4>  =  45°, 
where  the  worst-case  cross-polarization  performance  occurs. 
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(a)  (b) 

Figure  4.  Dimensions  of  single-layer  crossed  dipole  FSS  for  33  GHz. 


As  expected,  the  resonant  frequency  decreases  as  L  increases.  For  the  single  layer 
cases  examined  here,  L  =  0.40Ar,  where  K  is  the  wavelength  corresponding  to  the 
resonant  frequency  in  each  case.  The  reflected  field  in  the  reflection  band  is  close 
to  that  of  a  perfect  ground  plane,  where  nearly  all  of  the  power  is  reflected  and  the 
phase  is  equal  to  180°  at  the  resonant  frequency.  The  cross-polarization  response 
in  the  reflection  band  has  a  distinct  null  for  each  FSS,  leaving  a  narrow  bandwidth 
over  which  the  -30  dB  cross-polarization  requirement  is  met.  Unfortunately,  the 
null  of  the  cross-polarization  occurs  slightly  below  the  resonant  frequency  of  each 
FSS.  For  these  single  layer  cases,  L  =  0.38Xx  ,where  A.x  is  the  wavelength 
corresponding  to  the  frequency  of  the  cross-polarization  null. 

The  power  transmitted  at  13  GHz  decreases  as  L  increases  due  the  downward 
shift  in  resonant  frequency.  Nonetheless  the  transmitted  power  fulfills  the  -0.5 
dB  requirement.  The  phase  of  the  transmitted  wave  varies  slowly  with  frequency, 
which  is  desirable  to  minimize  defocusing  in  the  dual-reflector  system.  The 
cross-polarization  at  13  GHz  also  increases  as  L  increases,  varying  between  -25.6 
and  -22.8  dB  as  L  increases  from  3.45  mm  to  3.75  mm.  This  will  be  a  limiting 
factor  throughout  the  design  study. 

The  size  of  the  unit  cell  has  a  less  pronounced  effect  on  FSS  performance.  The 
dipole  dimensions  were  fixed  to  Li  =  3.65  mm  and  wi  =  0.365  mm  such  that  the 
reflected  power  is  greater  than  -0.5  dB  at  33  GHz.  The  unit  cell  size  is  varied, 
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Figure  5.  Single  layer  crossed  dipole  FSS.  Reflected  and  transmitted  power  (top),  phase 
(center),  and  cross-pol  (bottom).  Incident  field  polarized  along  x-directed  dipole,  0  =  45°, 
<(>  =  45°.  A]  =  4.0  mm,  e,,  =  2.2,  t  =  10  mil,  Wj  =  0.10*  Li. 

A,  =  3.75,  3.82,  3.90,  and  4.10  mm.  The  analysis  was  carried  out  for  x-polarized 
incidence  with  0  =  45°  and  <|>  =  45°.  The  results  are  plotted  in  Figure  6. 

For  a  smaller  cell  size,  the  separation  distance  between  the  dipoles  is  smaller  and 
mutual  coupling  makes  the  dipole  lengths  effectively  larger,  reducing  the  resonant 
frequency.  Therefore,  the  resonant  frequency  increases  slightly  as  A  increases. 
Furthermore,  the  peak  power  in  the  reflection  band  decreases  as  A  increases  and 
the  FSS  becomes  a  less  effective  ground  plane.  Finally,  Fig.  6  shows  that  the  null 
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Figure  6.  Single  layer  crossed  dipole  FSS.  Reflected  and  transmitted  power  (top),  phase 
(center),  and  cross-pol  (bottom).  Incident  field  parallel  to  one  leg  of  dipole,  0  =  45°,  <f)  = 
45°.  Li  =  3.65  mm,  Wi  =  0.365  mm,  =  2.2,  t  =  10  mil. 


in  the  cross-polarization  is  not  dependent  on  the  cell  size  fbr  a  single  layer  FSS. 

The  power  transmitted  at  13  GHz  increases  as  A  increases.  This  is  due  to  the 
increased  resonant  frequency  as  A  increases  and  also  due  to  the  decreased  density 
of  the  dipole  elements.  The  transmitted  power  fulfills  the  -0.5  dB  requirement 
and  the  phase  of  the  transmitted  wave  varies  slowly  with  frequency  for  all  cases 
of  unit  cell  size.  The  cross-polarization  at  13  GHz  also  decreases  as  A  increases, 
varying  between  -22.0  and  -24.3  dB  as  A  increases  from  3.75  mm  to  4.1  mm. 

Two  problems  that  arise  are  illustrated  from  the  single  layer  studies  described 
above.  First,  the  location  of  the  null  in  the  cross-polarization  field  is  highly 
dependent  on  the  dipole  length,  as  is  the  resonant  frequency.  For  the  single  layer 
cases  presented,  L  =  0.40A*  =  0.38Xx.  The  second  problem  is  the  poor  cross¬ 
polarization  performance  in  the  transmit  band.  As  noted  in  the  Introduction, 
further  optimization  for  13  GHz  is  not  pursued  in  this  study. 
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Double-layer  Crossed  Dipole  FSS 


A  high-frequency  FSS  layer  is  added  to  the  structure  in  this  section.  Single-layer 
studies  showed  that  a  crossed  dipole  FSS  with  L2  =  1.2  mm,  W2  =  0.12  mm,  and  a2 
=  b2  =  1  28  mm  was  suitable  for  operation  at  95  GHz.  The  unit  cells  of  each  layer 
are  shown  in  Figure  7a  and  a  side  view  of  the  MFLSS  is  given  in  Figure  7b.  The 
high-frequency  layer  is  printed  on  the  incident-field  side  of  the  substrate,  the  low- 
frequency  layer  is  opposite.  Hence,  the  FSS  layers  are  separated  by  a  10-mil 
substrate.  The  resulting  subarray,  according  to  which  the  FSS  is  periodic,  is 
illustrated  in  Figure  7c,  along  with  a  summary  of  structural  parameters  and  of  the 
major  findings  for  this  MLFSS  configuration.  Figure  8  shows  the  reflected  and 
transmitted  power,  phase,  and  cross-polarization  for  the  incident  field  parallel  to  a 
dipole  leg  and  0  =  45°.  The  analysis  was  run  for  <j>  =  0, 45,  and  90°  (E-,  D-,  and 
H-plane  cuts).  The  low  frequency  layer  dimensions  are  ai  =  bi  =  A  =  B  =  3.82 
mm,  Lj  =  3.65  mm,  and  wi  =  0.365  mm,  which  were  shown  from  the  single-layer 
studies  to  result  in  a  reflection  band  centered  at  32  GHz. 

For  the  closely  spaced  double-layer  FSS,  the  high-frequency  FSS  layer 
significantly  affects  the  lower  reflection  band.  Specifically,  coupling  between  the 
high-  and  low-frequency  dipoles  increases  the  effective  length  of  the  low- 
frequency  dipoles,  reducing  the  resonant  frequency  of  the  bottom  layer  to  27.5 
GHz  from  the  32  GHz  observed  in  the  single-layer  case.  As  in  the  single-layer 
cases  described  in  the  previous  section,  the  null  in  the  cross-polarization  occurs  at 
26  GHz,  below  the  resonant  frequency  of  27.5  GHz.  Hence,  Li  =  0.33?Wi  = 
0.32A.X1  for  this  closely  spaced  double-layer  FSS. 

The  low-frequency  transmitted  power  is  decreased  as  a  result  of  the  shift  in 
resonant  frequency  and  no  longer  meets  the  —0.5  dB  requirement  at  1 3  GHz.  The 
addition  of  the  high-frequency  layer  also  most  likely  plays  a  role  in  the 
degradation  of  the  transmitted  power.  As  in  the  single-layer  cases,  the  cross¬ 
polarization  in  the  transmit  band  is  high,  with  a  worst  case  of -19  dB  in  the 
diagonal  plane. 

The  95  GHz  reflection  band  is  severely  degraded  as  compared  to  its  single-layer 
case.  The  resonant  frequency,  as  shown  by  the  phase  response,  varies  from  91 
GHz  in  the  H-plane  to  98  GHz  in  the  E-plane.  The  null  in  the  cross-polarization 
for  the  high-frequency  layer  occurs  at  90  GHz,  which  again  is  lower  than  the 
resonant  frequency.  For  the  high-frequency  layer,  L2  =  0.37^2  =  0.36Xx2.  The 
degradation  of  performance  is  caused  by  the  large  amount  of  power  coupled  into 
grating  lobes.  Figure  9  shows  that  a  large  fraction  of  the  power  is  lost  to  grating 
lobes  between  85  and  100  GHz. 


157 


(b) 


Square  lattice  on  top  and  bottom  layers. 
Layers  separated  by  10  mil  substrate. 
Coupling  reduces  resonant  frequency  of 
bottom  layer;  Lj  =  0.33^n 
Resonant  frequency  of  top  layer  not  affected 
by  Layer  one,  Lj  =  0.37^ 

Significant  power  lost  to  grating  lobes  in 
upper  reflection  band. 

Optimal  cross-pol  below  resonant  frequency 
for  both  layers;  L,  =  0.32A,X,  =  036\2 
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Figure  7.  Double  layer  crossed  dipole  FSS.  (a)  Unit  cells  of  layers  one  and  two.  (b)  Side 
view  of  MLFSS.  (c)  Subarray  of  double-layer  FSS  and  summary  of  results. 
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Frequency  (GHz) 


Frequency  (GHz) 


Frequency  (GHz) 


Figure  8.  Double  layer  crossed  dipole  FSS.  Reflected  and  transmitted  power  (top), 
phase  (center),  and  cross-pol  (bottom).  Incident  field  parallel  to  a  dipole  leg,  0  =  45°.  Li 
=  3.65  mm,  w,  =0.365  mm,  L2  =  1.2  mm,  w2  =  0. 12  mm,  A  =  B  =  ai  =  bi  =  3.82  mm,  a2 
=  b2=  1.28  mm,  £,1  =  2.2,  t  =  10  mil. 


Figure  9.  Double  layer  crossed  dipole 
FSS.  Power  lost  to  grating  lobes.  Incident 
field  parallel  to  dipole  leg,  0  =  45°.  Li  = 
3.65  mm,  W|  =  0.365  mm,  L2  =  1.2  mm,  w2 
=  0.12  mm,  A  =  B  =  ai  =  bi  =  3.82  mm,  a2 
=  b2=  128  mm,  £ri  =  2.2,  t  =  10  mil 
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Double-layer  Crossed  Dipole  FSS  with  Modified  Grid  Configuration 

Two  steps  were  taken  in  order  to  improve  the  reflection  and  transmission  band 
properties  of  the  double-layer  FSS. 

1)  The  element  dimensions  on  the  low-frequency  layer  were  adjusted  to  L  = 
2.8  mm  and  w  =  0.28  mm  to  increase  the  resonant  frequency  to  33  GHz. 
The  cell  size  was  set  at  A  =  B  =  3.1  mm,  which  is  relatively  large 
compared  to  the  dipole  length,  in  order  to  increase  the  transmitted  power 
at  13  GHz. 

2)  A  triangular  lattice  was  incorporated  on  layer  two  in  order  to  increase  the 
density  of  dipoles  per  unit  cell  and  improve  the  95  GHz  reflection  band 
properties.  This  was  achieved  by  setting  the  unit  cell  on  layer  two  to  A  = 
B  =  1.55  mm,  but  defining  the  basis  functions  for  two  dipoles  per  unit  cell. 
One  dipole  is  centered  in  the  unit  cell  and  the  second  dipole  is  offset  by  A / 
2  =  0.775  mm  in  the  x-  and  y-  directions.  The  dipole  dimensions  on  layer 
two  are  L  =  1.4  mm  and  w  =  0.10  mm. 

The  unit  cells,  side  view,  and  subarray  for  this  case  is  illustrated  in  Figure  10a, 
10b,  and  10c,  respectively.  The  conclusions  drawn  from  this  MLFSS  are  also 
summarized  in  Figure  10c. 

Figure  1 1  shows  the  results  of  the  double-layer  FSS  with  the  modified  grid 
configuration.  The  common  bandwidth  in  the  reflection  band  is  centered  at  33 
GHz  as  opposed  to  27  GHz  seen  in  the  previous  case.  The  frequencies  where  the 
phase  of  the  reflected  wave  is  180°  no  longer  corresponds  to  the  frequencies  of 
peak  reflected  power,  however  the  phase  difference  between  the  33  and  95  GHz 
reflection  bands  is  less  than  45°,  as  required.  The  null  in  the  cross-polarization 
occurs  at  30.5  GHz,  which  is  below  the  operating  frequency  of  the  lower 
reflection  band;  Li  =  0.32Xn  =  0.29A,xi.  As  a  result,  the  cross-polarization  is 
greater  than  -20  dB  in  the  lower  reflection  band. 

The  13  GHz  transmission  band  has  improved  from  the  previous  case,  but  not 
enough  to  meet  the  -0.5  dB  requirement.  The  worst-case  transmitted  power  is 
-0.95  dB  in  the  H-plane,  and  the  worst  case  cross-polarization  is  only  -21  dB. 

The  upper  reflection  band  is  still  degraded  due  to  grating  lobes,  and  the  null  in  the 
cross-polarization  is  well  below  the  resonant  frequency  of  the  upper  layer,  where 
U  =  0.44  At2  =  0.40Xx2. 
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•  Square  lattice  on  bottom  layer. 

•  Triangular  lattice  on  top  layer. 

•  Layers  separated  by  10  mil  substrate. 

•  Coupling  reduces  resonant  frequency  of 
bottom  layer;  Li  =  032\x 

•  Resonant  frequency  of  top  layer  not  affected 
by  Layer  one,  =  0.44XR 

•  Significant  power  lost  to  grating  lobes  in 
upper  reflection  band. 

•  Optimal  cross-pol  below  resonant  frequency 
for  both  layers;  Lj  =  0.29^xl  1^  =  0.40^ 


(c) 


Figure  10.  Double  layer  crossed  dipole  FSS  with  modified  grid  configuration,  (a)  Unit 
cells  of  layers  one  and  two.  (b)  Side  view  of  MLFSS.  (c)  Subarray  of  double-layer  FSS 
and  summary  of  results 
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Frequency  (GHz)  Frequency  (GHz)  Frequency  (GHz) 


Figure  11.  Double  layer  crossed  dipole  FSS  with  modified  grid  configuration.  Reflected 
and  transmitted  power  (top),  phase  (center),  and  cross-pol  (bottom).  X-polarized  incident 
field,  0  =  45°.  L!  =  2.80  mm,  W!  =  0.28  mm,  L2  =  1.4  mm,  w2  =  0.10  mm,  A  =  B  =  a]  = 
bi  =  3.10  mm,  a2  =  1.55  mm,  b2=  A2  =  0.775  mm,  £,]  =  2.2,  t  =  10  mil. 


Double-layer  FSS  with  modified  grid  configuration  and  layer  separation 

Previous  studies  of  single-polarized  FSS  comprised  of  linear  dipoles  showed  that 
layer-to-layer  coupling  of  the  low-frequency  and  high-frequency  dipoles 
contributes  to  grating  lobe  problems  at  the  high-  frequency.  To  reduce  the  layer- 
to-layer  coupling  in  the  dual -polarized  FSS,  the  high-  and  low-frequency  layers 
are  separated  by  a  thin  foam  layer,  as  shown  in  the  side  view  of  Figure  12b. 

One  result  of  separating  the  FSS  layers  and  reducing  the  coupling  between 
elements  on  each  layer  is  that  the  resonant  frequency  of  the  bottom  layer 
approaches  that  of  its  corresponding  single  layer.  Three  cases  of  layer  one  unit 
cell  size  and  dipole  dimensions  are  plotted  in  Figure  13  for  incident  angles  of  0  = 
45°  and  <{>  =  45°  and  for  fixed  layer  two  element  dimensions  of  L2  =  1 .4  mm  and 
w2  =  0.10  mm.  To  maintain  a  commensurate  subarray,  the  unit  cell  size  on  the 
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Figure  13.  Double  layer  crossed  dipole  FSS  with  modified  grid  configuration  and  small 
layer  separation.  Reflected  and  transmitted  power  (top),  phase  (center),  and  cross-pol 
(bottom).  X-polarized  incident  field,  0  =  45°,  <()  =  45°.  L2  =  1.4  mm,  w2  =  0.10  mm,  erl  = 
2.2,  £j2  =  1.04,  t  =  10  mil,  a2  =  ax/  2. 


95-GHz  layer  is  adjusted  for  each  33-GHz  layer  cell  size,  hence  a2  =  b2  =  1.55 
mm,  1.65  mm,  and  1.75  mm,  corresponding  to  ai  =  bi=  3.1mm,  3.3mm  and 
3.5mm. 

The  double-layer  FSS  with  Li  =  2.8  mm,  wi  =  0.28  mm,  a\  =  3.1  mm  is  identical 
to  the  double-layer  FSS  discussed  in  the  previous  section  with  the  exception  of 
the  10-mil  foam  separation  layer.  Figure  13  shows  that  the  resonant  frequency  of 
the  bottom  layer  increases  to  39.5  GHz  from  33  GHz  in  the  previous  case,  which 
is  an  indication  of  reduced  coupling  between  the  high-  and  low-frequency  layers. 
Again  the  resonant  frequency  is  proportional  to  the  dipole  length,  where  Li  = 
0.37^i  for  each  double  layer  case.  This  relationship  is  approaching  that  of  a 
single  layer  FSS,  where  L  =  0.40Xr.  The  cross-polarization  is  dependent  on  the 
dipole  length  in  the  same  manner  as  previously  described,  Li  =  0.35Xxi. 
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A  significant  improvement  is  observed  in  the  high-frequency  band.  The  power 
lost  to  grating  lobes  has  decreased  and  a  wide  reflection  bandwidth  is  obtained 
near  95  GHz.  The  resonant  frequency  decreases  slightly  as  a2  increases  due  to 
reduced  coupling  between  dipole  elements  on  layer  two.  The  phase  of  the 
reflected  power  is  equal  to  180°  at  the  frequency  where  the  maximum  power  is 
reflected.  This  phase  response  is  unlike  the  phase  response  in  the  low  frequency 
reflection  band,  where  the  phase  sweeps  through  180°  at  frequencies  below  the 
maximum  power  reflected.  This  results  in  an  offset  in  the  upper  and  lower 
reflection  band  phases,  but  the  difference  is  less  than  45°.  As  in  the  previous 
cases,  the  frequency  of  optimal  cross  polarization  is  below  the  resonant  frequency 
of  the  upper  layer  for  a2  =  1.55  cm.  The  cross-polarization  response  for  the  cases 
of  a2  =  1 .65  and  a2  =  1.75  mm  is  broader,  and  a  less  distinct  null  is  observed 
below  the  resonant  frequency  in  each  case.  The  overall  cross-polarization  level  is 
higher  in  these  cases  as  compared  to  a2  =  1.55  mm,  and  it  increases  significantly 
with  increasing  cell  size  of  the  95-GHz  layer. 

Finally,  the  behavior  of  the  low-frequency  transmission  band  has  not  changed 
significantly.  At  13  GHz  the  transmitted  power  decreases  and  the  cross¬ 
polarization  increases  as  the  resonant  frequency  of  layer  one  decreases.  The 
worst-case  cross-polarization  at  13  GHz  is  -20.6  dB. 

Tightly  Coupled  Crossed  and  Linear  Dipoles  for  Cross-Polarization 
Improvement 

The  results  above  illustrate  that  a  new,  independent  degree  of  freedom  is  required 
to  simultaneously  optimize  co-  and  cross-polarization.  Prior  studies  of  single- 
polarized  FSS  showed  that  a  pair  of  linear  dipoles  printed  on  opposite  sides  of  a 
thin  substrate  and  overlapping  can  be  used  to  maintain  the  effective  length  of  the 
elements  while  decreasing  their  physical  length.  A  similar  technique  is  applied 
here  to  the  dual-polarized  FSS.  It  is  shown  that  this  tightly  coupled  structure 
provides  good  co-  and  cross-polarized  performance  at  33  GHz  and  the  95-GHz 
performance  is  still  very  good.  Figure  14a  shows  a  side  view  of  the  three-layer 
structure.  The  low-frequency  array  layers,  printed  on  opposite  sides  of  a  10  mil 
substrate,  are  separated  from  the  high  frequency  array  layer  by  a  10-mil  foam 
layer.  As  shown  in  Figure  14b,  the  crossed  dipole  on  one  side  of  the  low- 
frequency  substrate  is  centered  in  the  unit  cell,  and  there  is  one  x-  and  one  y- 
oriented  linear  dipole  on  the  opposite  side,  offset  by  half  of  the  unit  cell  size  along 
the  length  of  the  dipole.  In  the  plots  that  follow,  ai  =  bi  =  3.0  mm,  Li  =  2.5  mm, 
wi  =  0.25  mm,  a2  =  1.5  mm,  U  =  1.4  mm,  and  w2  =  0.08  mm,  and  the  elements  of 
the  high-frequency  layer  are  arranged  in  a  triangular  lattice. 
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Unit  Cell, 

2nd  Low  Frequency  Layer 


Unit  Cell, 

Low  Frequency  Layers 


Subarray, 
All  Layers 


•Two  low  frequency  layers 

•  One  crossed  dipole  per  unit  cell  on  Layer  One. 

•  Two  linear  offset  dipoles  per  unit  cell  on  Layer  Two. 

•  Unit  cell  size  is  smaller  than  effective  dipole  length. 

•  Triangular  lattice  on  top  layer. 

•  Low  frequency  layers  separated  by  10  mil  substrate. 

•  High  frequency  layer  separated  from  low  frequency  layers  by  10  mil  foam  layer. 

•  Linear  offset  dipoles  reduce  resonant  frequency  of  bottom  layers;  Ll  =  0.29A,fl 

•  Resonant  frequency  of  top  layer  not  affected  by  low  frequency  layers;  =  0AAXn 

•  Power  lost  to  grating  lobes  in  upper  reflection  band  is  minimized. 

•  Optimal  cross-pol  near  resonant  frequency  for  both  layers;  Lx  =  0.28 A,xI  L2  =  0.44^ 


(b) 

Figure  14.  (a)  Side  view  of  triple  layer  FSS.  (b)  Top  view  of  layer  two  unit  cell  and 
MLFSS  subarray.  Summary  of  results. 
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Figure  15  shows  the  reflected  and  transmitted  power  in  the  E-,  H-,  and  D-planes 
for  an  incident  field  parallel  to  the  dipoles  along  the  x  axis  (<J>  =  0°)  and  for  0=15, 
30,  and  45°.  Figure  16  shows  the  phase  of  the  reflected  and  transmitted  wave  for 
the  same  incident  fields.  Figure  17  shows  the  reflected  and  transmitted  cross¬ 
polarization  in  the  D-plane  for  0  =  15,  30,  and  45°,  as  well  as  the  power  lost  to 
grating  lobes  in  the  E-plane  for  0  =  15,  30,  and  45°. 

A  reflection  band  is  centered  at  34.5  GHz  with  a  common  bandwidth  of  1.5  GHz 
for  all  incident  angles  examined.  The  phase  of  the  reflected  field  at  33  GHz 
varies  between  146.1°  and  122.1°  over  all  incident  angles,  which  satisfies  the  AT 
<  45°  bandwidth  requirement.  Finally,  the  null  in  the  cross-polarization  ranges 
from  32  to  34  GHz  for  incident  angles  between  15°  and  45°  in  the  D-plane,  and 
the  worst  case  cross-polarization  at  33  GHz  is  -29.5  dB. 
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Figure  15.  Triple  layer  crossed  dipole  FSS.  Reflected/transmitted  power  in  the  E-,  D-, 
and  H-planes  for  0  =  15°  (top),  0  =  30°  (center),  and  0  =  45°  (bottom).  X-polarized 
incident  field,  aj  =  bi  =  3.0  mm,  ~  ^2  —  1.50  mm,  Li  =  2.5  mm,  Wi  =  0.25  mm,  L2  — 
1 .4  mm,  W2  =  0.10  mm,  Ed  =  2.2,  £t2  =  1  04,  t  =  10  mil. 
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Figure  16.  Triple  layer  crossed  dipole  FSS.  Phase  of  reflected/transmitted  field  in  the  E-, 
D-,  and  H-planes  for  0  =  15°  (top),  0  =  30°  (center),  and  0  =  45°  (bottom).  X-polarized 
incident  field,  a,  =  b,  =  3.0  mm,  a2  =  b2  =  1.50  mm,  Li  =  2.5  mm,  W]  =  0.25  mm,  L2  = 

1.4  mm,  w2  =  0.10  mm,  =  2.2,  =  1.04,  t  =  10  mil. 


The  high-frequency  reflection  band  at  95  GHz  has  more  than  10  GHz  bandwidth. 
As  the  incident  angle  increases  a  null  occurs  in  the  reflected  power  at  about  90 
GHz  in  the  E-  and  D-planes.  The  power  in  the  higher  order  grating  lobes  near  this 
frequency  is  as  high  as  -4  dB  in  the  E-plane  for  0  =  45°,  but  it  is  suppressed  30 
dB  at  95  GHz.  The  null  in  the  cross-polarization  of  the  upper  reflection  band 
varies  between  92  and  94  GHz  as  the  incident  angle  increases  from  15°  to  45°, 
and  the  worst-case  cross-polarization  at  95  GHz  is  -37.4  dB.  Finally,  as 
expected,  the  phase  of  the  reflected  wave  at  95  GHz  is  180°.  This  is  a 
consequence  of  the  separation  of  the  dipole  layers  for  33  and  95  GHz,  and  it  could 
result  in  some  defocusing  of  the  antenna  system,  but  is  probably  acceptable. 
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Frequency  (GHz) 


Figure  17.  Triple  layer  crossed  dipole  FSS.  (Top)  Cross-polarization  in  the  D-plane 
for  0  =  15,  30°,  and  45°.  (Bottom)  Power  lost  to  grating  lobes  in  the  E-plane  for  0  = 

15,  30,  and  45°.  X-  polarized  incident  field,  a,  =  b,  =  3.0  mm,  a2  =  b2  =  1.50  mm,  L,  = 
2.5  mm,  w,  =  0.25  mm,  L2  =  1.4  mm,  w2  =  0.10  mm,  =  2.2,  =  1.04,  t  =  10  mil. 


While  the  two  reflection  bands  are  operating  very  close  to  the  requirements  set 
forth,  the  transmit  band  remains  problematic.  Due  to  the  increase  in  the  reflection 
bandwidth  with  incident  angle,  the  scattering  loss  of  the  transmitted  signal  could 
be  as  high  as  2.0  dB  in  the  H-plane.  The  cross-polarization  at  13  GHz  is  -38  dB 
for  0=15°  but  increases  to  -26  dB  for  0  =  30°  and  further  to  -18.5  dB  for  0  = 
45°. 

The  performance  in  the  transmit  band  may  be  improved  by  reducing  element 
widths  and  increasing  the  unit  cell  size  on  33-GHz  layers,  in  both  cases 
decreasing  the  density  of  metallized  elements.  However,  it  is  unlikely  that  these 
factors  alone  will  achieve  the  desired  transmit  band  performance.  The  effective 
dielectric  constants  of  the  foam  layer  and  FSS  substrates  are  also  degrees  of 
freedom  that  were  not  examined  and  are  a  potential  means  of  improving  overall 
performance.  It  is  known  that  dielectric  layers  stabilize  FSS  performance  over  a 
range  of  scan  angles,  so  this  could  lead  to  satisfactory  performance  at  all  three 
frequencies.  Finally,  it  may  be  possible  to  add  another  33-GHz  layer  spaced 
approximately  XJS  below  the  existing  layer.  This  “traditional”  multi-layer  FSS 
has  a  rapid  transition  between  the  lower  transmission  band  and  the  first  reflection 
band.  None  of  the  techniques  described  in  this  paragraph  have  been  explored  for 
the  three-frequency  design. 
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Summary 


The  design  of  a  multi-layer  FSS  for  use  as  a  subreflector  in  a  dual-linear  polarized 
radar  system  operating  at  13, 33  and  95  GHz  presented  four  major  challenges. 

Due  to  concern  about  the  availability  of  dielectric  materials  having  the  properties 
needed  to  optimize  the  FSS  design,  methods  utilizing  dielectric  matching  were  not 
treated  here.  Rather,  the  design  was  constrained  to  use  readily  available 
substrates  known  to  perform  well  at  millimeter  wave  frequencies.  Rogers  Duroid 
5880  was  selected  for  the  design  studies. 

Two  of  the  remaining  three  challenges  were  successfully  overcome  by  using  a 
dual-resonant  FSS  comprised  of  tightly  coupled  linear  and  crossed  dipoles  for  the 
33  GHz  reflecting  layer.  First,  meeting  the  cross-polarization  requirement  of -30 
dB  in  for  reflection  was  problematic.  In  the  reflection  band  resulting  from 
resonance  of  the  crossed-dipole  FSS,  there  is  a  distinct  null  where  the  cross¬ 
polarization  level  falls  below  -30  dB  over  a  narrow  range  of  frequencies.  The 
location  of  this  null  is  highly  dependent  on  the  dipole  length,  as  is  the  resonant 
frequency  at  which  maximum  reflection  occurs  with  180°  phase  shift.  By  adding 
a  second  layer  of  (linear)  dipoles  offset  along  the  axis  of  the  crossed  dipole  arms 
and  separated  by  only  the  thin  dielectric  substrate,  the  resonant  frequency  for 
reflection  can  be  matched  to  the  cross-polarization  null  and  the  -30  dB 
requirement  was  met. 

Second,  grating  lobes  were  eliminated  from  the  95-GHz  operating  band.  Because 
of  the  wide  separation  of  the  two  reflection  bands,  95/33  =  2.88,  grating  lobes  will 
contaminate  any  95-GHz  signal  that  scatters  from  the  33-GHz  layer. 

Furthermore,  the  requirement  to  equalize  the  reflection  coefficient  phase  of  the  33 
and  95  GHz  signals  dictates  that  the  layers  should  be  close  together,  which 
increases  coupling  between  them  and  excitation  of  95-GHz  grating  lobes.  The 
addition  of  a  thin  foam  spacer  (10-mil)  was  sufficient  to  reduce  grating  lobe 
excitation  below  -30  dB.  It  was  not  necessary  to  add  tightly  coupled  linear 
dipoles  to  the  95-GHz  crossed  dipole  reflector  to  meet  the  cross-polarization 
requirements. 

The  final  challenge  to  be  overcome  was  transmission  loss  and  cross-polarization 
in  the  13-GHz  band.  The  desired  performance  was  not  achieved  in  this  study. 
Further  optimization  may  have  yielded  a  subreflector  meeting  all  requirements, 
but  this  was  not  pursued  due  to  a  change  in  radar  system  requirements  that 
necessitated  a  completely  different  feed  system. 


170 


CDMA  CAPACITY  INCREASES  MEASURED  USING 
TWO-ANTENNA-RECEIVER  HANDSETS 


Michael  J.  Wengler,  Gregory  A.  Breit,  Hussein  Hachem, 
Yi-Cheng  Lin,  Randy  Standke,  and  Ernest  Ozaki 
QUALCOMM,  Inc. 

5775  Morehouse  Drive 
San  Diego,  California,  92121 
mwengler@qualcomm.com 


Abstract:  We  report  on  the  design,  realization,  lab  testing,  field  testing, 
analysis  and  performance  of  two-antenna-receiver  handsets  in  CDMA 
systems.  These  handsets  can  receive  more  than  twice  the  data  rate  as  single¬ 
antenna  handsets  for  a  given  load  on  the  CDMA  system.  Alternatively,  more 
than  twice  the  number  of  voice  channels  can  be  supported  if  two-antenna 
phones  replace  all  single-antenna  phones.  This  excess  capacity  can  be  used  in 
conjunction  with  4-antenna-receivers  at  the  base-station  to  nearly  double  the 
capacity  of  CDMA  systems.  Alternatively,  the  extra  capacity  can  be  used  to 
provide  data  services  without  reducing  voice  capacity  of  the  system.  We 
present  two  different  two-antenna  handsets,  one  for  Cellular  (-800  MHz) 
and  the  other  for  PCS  (-1900  MHz).  We  present  antenna  range  tests  as  well 
as  field  tests  from  which  capacity  increases  are  derived.  We  present 
performance  improvement  for  various  receiver  architectures,  considering  the 
combining  of  from  4  to  8  fingers  in  a  RAKE  receiver,  and  considering  4 
different  combining  algorithms.  We  discuss  the  effect  of  differences  in  the 
Mean  Effective  Gain  (MEG)  of  the  handset  antennas.  The  field  tests  have 
been  done  using  two  commercial  CDMA  networks  in  San  Diego  as  signal 
sources,  one  for  Cellular  frequencies  and  the  other  for  PCS  frequencies. 
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1. 


Introduction  and  Summary 


The  Capacity  of  a  CDMA  forward-link  sector  can  be  doubled  if  all  the  handsets  in 
that  sector  use  dual-antenna  receivers.  Capacity  increase  comes  about  because  the 
average  signal  sensitivity  of  the  phone  receiver  is  effectively  doubled  through 
adaptively  combining  the  two  antenna-receiver  chains.  With  twice  the  sensitivity, 
average  base  station  transmit  power  per  phone  can  be  cut  in  half.  Thus  twice  as 
many  forward-link  calls  can  be  served. 

The  forward-link  capacity  is  increased  incrementally  in  proportion  to  the 
penetration  of  dual-antenna  phones  into  the  system.  These  phones  could  be 
pushed  only  into  areas  where  forward-link  capacity  is  tight,  allowing  the  deferral 
of  expensive  system-wide  upgrades.  These  phones  could  be  selectively 
subsidized  to  customers  who  are  identified  as  high-volume  users  in  crowded 
sectors  in  the  network. 

The  capacity  increase  can  be  used  in  three  ways.  First,  where  capacity  is  limited 
by  the  forward  link,  dual-antenna  phones  will  raise  total  network  capacity. 
Second,  dual-antenna  phones  free  up  capacity  for  new  forward-link  intensive  data 
services.  Finally,  The  forward  link  capacity  increase  can  be  matched  by  a  reverse 
link  capacity  increase  [1,2]. 

The  primary  mechanisms  by  which  the  sensitivity  is  improved  are  Aperture  Gain, 
Interference  Rejection,  and  Diversity  Gain.  Aperture  Gain  results  from  the  fact 
that  two  antennas  absorb  more  signal  power  than  one.  Interference  Rejection 
results  from  combining  the  antennas  with  weights  chosen  so  that  interfering 
signals  picked  up  on  both  antennas  tend  to  cancel  each  other.  Diversity  Gain 
arises  from  the  fact  that  when  one  antenna  is  in  a  fade,  the  other  is  probably  not. 

Qualcomm  may  soon  have  available  MSM  chips  in  which  two  antennas  can  be 
combined  using  the  Maximal  Ratio  Combining  (MRC)  algorithm  in  a  4-finger 
RAKE  receiver.  This  configuration  should  produce  forward-link  capacity 
increases  of  about  50%  over  a  single-antenna  handset. 

Future  Mobile  Station  Modem  (MSM)  chips  for  dual-antenna  receivers  should  1) 
implement  an  Optimum  Combining  (OC)  algorithm  and  2)  provide  a  6-finger 
RAKE  receiver.  This  configuration  will  increase  forward-link  system  capacity  by 
more  than  100%. 

Dual-antenna  handsets  have  a  primary  antenna  that  is  used  for  both  transmit  and 
receive.  A  secondary  antenna,  used  for  receive  only,  occupies  much  less  volume 
than  the  primary  antenna.  The  secondary  antenna’s  small  volume  allows  it  to  be 
put  inside  the  plastics  of  even  very  small  phones. 

The  secondary  antenna  will  typically  have  a  lower  Mean  Effective  Gain  (MEG) 
than  the  primary  antenna,  because  the  internal  antenna  suffers  more  blockage  by 
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the  head  and  the  hand  of  the  user.  The  lower  MEG  of  the  secondary  antenna  does 
not  have  a  serious  impact  on  capacity  increase  from  antenna  combining. 

Fading  correlation  between  the  two  antennas  does  not  degrade  the  performance  of 
any  of  the  handsets  we  have  tested.  The  highest  correlations  we  have  measured 
for  all  handsets  considered  is  about  40%,  even  when  we  put  the  two  antennas  as 
close  together  as  we  could  physically  manage.  This  is  well  below  the  70% 
correlation  required  to  degrade  performance  [4]. 

_ 2.  Dual-antenna  Phone  Design 

We  have  tested  a  few  different  dual-antenna  designs,  at  both  PCS  (1900  MHz) 
and  Cellular  (800  MHz)  frequencies.  All  of  the  test  designs  had  a  whip  as 
primary  antenna.  We  tested  a  few  different  secondary  antennas.  But  all  of  the 
secondary  antennas  were  some  form  of  small-volume  antenna  that  was  mounted 
inside  the  plastic  casing  of  the  phone.  The  performances  of  all  of  the  dual-antenna 
phones  that  we  tested  were  similar. 

In  this  paper  we  will  describe  two  phones  and  the  results  we  achieved  with  them. 
One  of  these  phones  is  designed  for  PCS  frequencies,  and  the  other  is  designed  for 
Cellular  frequencies. 


2.1  Secondary  Antenna  for  PCS  (1900  MHz) 

WIFA  for  2nd  diversity 
antenna(RX  only) 


Feed  point 
for 

whip/helix 
antenna 
(TX/RX) 


Figure  1  -  Secondary  WIFA  antenna  installed  in  one  of  the  PCS  phones. 


A  view  of  the  secondary  antenna  for  one  of  the  PCS  band  test  phones  is  shown  in 
Figure  1 .  The  photo  is  taken  of  the  back  of  the  phone,  with  the  back  plastic  cover 
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removed.  The  secondary  antenna  is  a  Wire  Inverted-F  Antenna  (WIFA).  Because 
it  us  used  for  receive  only,  it  covers  less  than  half  the  bandwidth  of  the  primary 
whip  antenna  (not  shown). 


2.2  Secondary  Antenna  for  Cellular  (800  MHz) 


Figure  2  -  Secondary  MLA  antenna  for  Cellular  band  phone. 

A  cellular-band  antenna  must  be  about  twice  the  length  of  a  PCS-band  antenna. 
We  use  a  Meander  Line  Antenna  (MLA),  shown  in  Figure  2,  to  fold  a  long 
antenna  into  the  small  phone  body.  The  MLA  is  printed  on  flexible  film  so  that  it 
conforms  to  the  inside  of  the  back  plastic  cover  of  the  phone.  Spring-loaded  pins 
make  a  simple,  low-inductance  connection  to  the  antenna.  The  MLA  can  be 
routed  to  avoid  high  points  on  the  phone  circuit  board  like  the  perforated  metal 
shield  seen  in  the  left  of  the  figure.  The  MLA  is  also  routed  to  avoid  places  where 
the  user  would  be  likely  to  place  his  hand  or  a  finger. 


_  3.  Testing  Methodology 

We  tested  RF  mock-ups  of  dual-antenna  phones.  These  start  out  as  commercial 
phones,  but  with  the  following  changes  made  for  testing.  First,  the  secondary 
antenna  is  added  internal  to  the  phone.  Second,  the  primary  and  secondary 
antennas  are  cabled  to  miniature  co-axial  connectors  on  the  side  of  the  phone 

body. 

For  testing,  the  antennas  are  cabled  to  the  inputs  of  the  “RF  Channel  Tool.”  This 
is  a  device  that  can  record  the  signal  received  by  up  to  4  antennas  at  a  time.  The 
RF  Channel  Tool  amplifies  the  received  signals,  downconverts  them  to  an 
Intermediate  Frequency,  filters  them,  and  then  records  digital  samples  of  the 
baseband  voltage.  The  recorded  baseband  voltages  are  post-processed  after  the 
drive  test  is  finished. 
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The  tests  were  carried  out  on  a  variety  of  drive  routes  in  a  test  van.  A  real  person 
held  the  phone  being  tested  as  though  he  were  talking  on  it.  The  person  was 
seated  sometimes  in  the  passenger  seat  of  the  van,  sometimes  in  the  back  seat  of 
the  van.  Different  hand-positions  were  tested.  In  some  runs,  the  tester 
deliberately  avoided  covering  the  internal  antenna  by  keeping  his  whole  hand  low 
on  the  phone.  In  other  runs,  the  tester  deliberately  covered  the  internal  antenna 
with  his  index  finger  while  holding  the  phone. 


4.  PCS-band  Results 


Our  PCS-band  results  are  described  in  some  more  detail  in  [3].  We  outline  the 
analysis  and  the  results  here. 

The  PCS-band  testing  was  done  using  a  test  network  operated  by  Qualcomm  in 
San  Diego.  The  network  is  comprised  of  seven  sectors  deployed  on  three  base 
stations.  The  area  covered  by  this  network  includes  a  mix  of  tall  buildings,  light 
industrial  (2-4  story  office  buildings  with  medium  density),  and  a  few  open  areas. 
For  these  tests,  the  network  was  set  to  transmit  pilot-only  at  100%  of  its  transmit 
power.  The  100%  transmit  power  condition  emulates  a  fully  loaded  network.  The 
pilot-only  radiation  is  chosen  to  simplify  the  post-processing  analysis  of  the 
received  signals. 

The  forward  link  in  a  phone  call  is  “good”  when  the  phone  receives  the  traffic 
power  with  sufficient  average  SINR  (Signal  to  Interference+Noise  Ratio)  to  be 
decoded  with  a  specified  low  frame  error  rate.  For  the  results  shown  here,  we  use 
a  3.9  dB  Eb/Nt  (Energy-per-bit  over  total  Noise+Interference)  threshold.  This 
corresponds  to  an  SINR  threshold  before  processing  gain  of  -17.2  dB.  Choosing 
a  higher  or  lower  Eb/Nt  would  change  the  capacities  we  calculate  for  the  forward 
link,  but  it  would  have  only  a  minimal  effect  on  the  ratios  of  capacities  calculated 
for  different  combining  schemes,  which  is  the  main  thrust  of  this  work. 

We  calculate  the  traffic  power  required  to  achieve  -17.2  dB  SINR  for  each  record 
in  the  drive  test.  The  amount  of  traffic  power  required  is  different  depending  on 
the  combining  scheme  employed.  Thus  for  each  record  from  our  drive  test,  we 
can  compare  the  required  traffic  power  for  each  combining  scheme  tested. 

We  calculate  the  required  traffic  power  relative  to  the  total  transmit  power 
available  from  sectors  in  the  system.  We  limit  the  maximum  forward  traffic 
power  for  each  call  in  each  sector  to  —9  dB  (13%)  of  the  total  transmit  power 
available  from  that  sector.  Any  record  that  requires  more  than  -9  dB  transmit 
power  is  deemed  to  be  “out-of-coverage.”  To  compare  the  different  combining 
schemes,  we  limit  the  records  looked  at  to  those  that  are  “in-coverage”  for  all 
combining  schemes  considered. 
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We  correctly  account  for  handoff  in  calculating  the  required  transmit  power.  We 
follow  IS-95  conventions  for  determining  the  handoff  state  of  each  record  taken  m 
the  drive  test.  The  traffic  power  for  each  record  is  calculated  as  the  sum  of  the 
traffic  powers  from  each  sector  currently  in  soft  handoff.  For  example,  a  phone  m 
2-way  handoff  that  requires  -13  dB  power  from  each  sector  is  calculated  to  need 

-10  dB  traffic  power. 


4.1  Required  TX  Power 


Figure  3  -  Fractional  TX  Power  required  for  8-finger  RAKE 

To  illustrate,  we  present  the  results  from  testing  a  modified  Qualcomm  QCP-1960 
phone  at  PCS  frequencies  in  Qualcomm’s  seven  sector  Over  The  Air  test  system. 
The  phone  tested  is  described  above  in  Section  2.1.  Figure  3  shows  a  Cumulative 
Distribution  Function  for  required  transmit  powers  using  different  antennas  and 
combining  schemes.  Table  1  shows  the  forward  link  capacity  improvement  with 
respect  to  a  whip  antenna  feeding  a  4-finger  RAKE  receiver. 
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TABLE  1  Capacity  Increases  at  PCS  Band 


RX 

Fingers 

Whip 

Int 

OC 

MRC 

Switched 

Capacity  relative  to  Whip,  dB 

4 

Reference 

-0.6 

2.5 

1.8 

1.0 

6 

0.3 

-0.3 

3.2 

Bi 

1.3 

8 

0.4 

-0.3 

3.5 

1.3 

4.1.1  Internal  Antenna 

The  rightmost  line  shows  the  single-antenna  performance  of  the  phone  if  only  the 
internal  antenna  was  used.  The  amount  of  forward  traffic  power  required  is 
between  -25  dB  and  -9  dB  of  the  total  power  a  single  sector  can  radiate.  The 
higher  transmit  powers  are  required  when  either  the  phone  is  at  a  cell  boundary,  or 
it  is  seeing  interference  from  adjacent  sectors,  or  when  the  RF  channel  has  a  lot  of 
multipath-induced  self-interference.  Conversely,  when  the  phone  is  in  a  lower 
multipath  environment  and  is  primarily  seeing  only  its  serving  sector,  the  required 
transmit  power  is  much  reduced. 

4.1.2  Whip  Antenna 

The  second  line  from  the  right  shows  the  performance  of  a  single  antenna  phone 
using  just  the  whip  antenna.  The  whip  performs  a  little  better  than  the  internal 
antenna  due  to  its  superior  mean  effective  gain.  Although  the  whip  receives,  on 
average,  about  3  dB  more  power  than  the  internal  antenna,  the  improvement  in 
required  transmit  power  using  the  whip  is  only  about  0.6  dB.  This  reflects  the  fact 
that  the  internal  antenna  sees  3  dB  less  signal,  but  also  3  dB  less  interference  from 
multipath  and  interfering  sectors. 

4.1.3  Switched 

The  third  line  from  the  right  shows  “Switched”  performance  that  is,  on  average, 

1.3  dB  better  than  the  whip  used  alone.  This  represents  an  absolute  upper  limit  to 
what  a  switched-antenna  receiver  could  accomplish  using  these  two  antennas. 
This  limit  is  found  by  assuming  that  the  better  of  the  two  antennas  is  always  and 
immediately  chosen.  In  a  realistic  algorithm,  there  would  be  a  reduction  from  this 
gain  due  to  the  real  overhead  of  the  switching  system. 

4.1.4  Maximal  Ratio  Combining  (MRC) 

The  fourth  line  from  the  right,  the  second-best  scheme  shown  in  the  figure,  is 
“Maximal  Ratio  Combining”  (MRC).  In  this  scheme,  the  antennas  are  combined 
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to  maximize  sensitivity  under  the  not-very-good  assumption  that  the  noise  and 
interference  the  two  antennas  are  receiving  is  uncorrelated.  With  this  combining 
scheme,  the  mean  required  transmit  power  is  reduced  by  2.7  dB  from  what  a 
single  whip  would  require,  assuming  an  8-finger  RAKE  receiver.  If  there  are  only 
4  fingers  in  the  RAKE  receiver,  then  the  MRC  performance  advantage  is  reduced 

to  1.8  dB. 

4.1.5  Optimum  Combining  (OC) 

Finally,  the  best  combining  scheme  investigated  is  called  “Optimum  Combining 
(OC).  Here,  the  antennas  are  combined  with  full  knowledge  of  the  interference 
correlation  between  the  two  antennas.  Combining  weights  are  found  using 
Wiener-Hopf  type  calculations  resulting  in  a  Minimum  Mean-Squared  Error 
(MMSE)  result.  This  has  the  effect  of  allowing  the  combiner  to  trade  off  gain  on 
the  signal  against  gain  on  the  interference.  OC  requires  3.1  dB  less  transmit 
power  than  the  whip  for  an  8-finger  RAKE,  or  2.5  dB  better  than  the  Whip  if  only 
a  4-finger  RAKE  receiver  is  used.  No  matter  how  many  RAKE  fingers  are  used, 
OC  outperforms  MRC  by  0.7-0. 8  dB. 


4.2  Dual-Antennas  and  RAKE  Receiver  Size 

The  RAKE  receiver  combines  multiple  copies  (fingers)  of  the  received  signal  to 
synthesize  a  single,  higher  SINR  copy.  The  multi-finger  RAKE  receiver  is 
integral  to  efficient  detection  of  CDMA  signals.  The  RAKE  is  necessary  to  see 
forward  capacity  increases,  and  to  implement  features  such  as  soft  handoff  in  the 
phone. 

One  source  of  multiple  fingers  for  the  RAKE  is  multipath.  Large  buildings,  hills, 
and  “urban  canyons”  all  cause  reflections  of  RF  that  can  result  in  an  indirect 
signal  path  between  a  mobile  and  its  serving  sector.  The  RAKE  allows  most  of 
the  power  from  these  different  paths  to  be  combined  in  the  receiver  to  enhance 

SINR. 

Soft-handoff  requires  a  multi-finger  RAKE  receiver  in  the  phone.  In  soft-handoff, 
the  signal  to  the  phone  is  being  sent  from  two  different  sectors  in  the  network.  If 
at  least  one  finger  is  assigned  to  signals  arriving  from  each  serving  sector,  then  the 
phone  receiver  can  combine  the  signal  energies  from  both  sectors  simultaneously. 

Existing  CDMA  phones  use  4-finger  RAKEs.  This  is  a  good  size  RAKE  to  use 
for  a  single-antenna  phone,  allowing  up  to  2  fingers  to  be  assigned  to  each  of  two 
serving  sectors  in  soft-handoff,  for  example.  In  Table  1  above,  only  0.4  dB 
improvement  is  indicated  when  the  number  of  fingers  in  the  RAKE  is  doubled 
from  4  to  8  for  a  single  Whip  antenna  phone. 
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For  dual-antenna  phones,  the  RAKE  receiver  must  assign  two  fingers  for  each 
path  arriving  at  the  phone,  in  order  that  the  gains  from  combining  that  path  as  seen 
on  two  separate  antennas  will  be  achieved.  The  4-finger  RAKE  is  limited  to 
combining  only  two  paths  if  each  path  is  combined  on  two  antennas. 

From  Table  1,  we  see  significant  improvement  in  the  OC  and  MRC  results  when 
the  number  of  fingers  in  the  RAKE  is  increased.  Going  from  4  to  6  fingers,  OC 
and  MRC  are  improved  by  0.6-0.7  dB.  Going  from  6  to  8  fingers  provides  only 
an  additional  0.3  dB. 

In  conclusion:  a  6-finger  RAKE  with  OC  is  2.9  dB  better  than  a  6-finger  RAKE 
with  a  single  whip  antenna.  But  it  is  3.2  dB  better  than  existing  4-finger  single¬ 
antennas,  and  it  is  0.7  dB  better  than  a  4-finger  OC. 


5.  Cellular-band  Results 


The  cellular-band  tests  were  made  on  a  commercial  CDMA  network  in  San 
Diego.  Drive  testing  was  done  in  the  densest  urban  part  of  San  Diego 
(downtown),  along  the  freeways,  and  in  the  light-industrial  neighborhoods  close 
to  Qualcomm  headquarters. 

Testing  in  a  live,  commercial  network  has  certain  advantages  and  certain 
challenges.  Among  the  advantages  is  the  fact  that  the  network  is  indisputably 
“realistic,”  whereas  test  networks  of  limited  scale  such  as  the  one  we  used  for  the 
PCS -band  tests  may  not  completely  emulate  real  network  features.  Another 
advantage  is  that  with  wide  coverage,  a  live  network  offers  a  greater  variety  of 
terrains  under  which  to  do  testing. 

Among  the  challenges  of  logging  in  a  live  network  is  the  data  analysis.  Whereas  a 
test  network  can  be  set  to  100%  pilot  transmissions,  simplifying  data  analysis  and 
effectively  emulating  a  fully  loaded  network,  a  live  network  will  radiate  an  ever- 
changing  mix  of  pilot,  overhead,  and  traffic  channels  at  an  ever-changing  total 
power  level. 

The  data  analysis  on  the  live  network  must  be  done  somewhat  more  indirectly 
than  the  PCS  analysis  on  the  Qualcomm  test  network.  For  the  PCS  data,  we  were 
able  to  estimate  the  interference  and  noise  we  were  receiving  directly  from  our 
measurements.  For  the  cellular  data,  we  cannot  easily  make  such  an  estimate 
because  we  cannot  distinguish  between  noise+interference  on  the  one  hand,  and 
paging,  synch,  and  traffic  channels  on  the  other. 

Although  the  total  signal  radiated  from  live-network  sectors  is  variable  in  traffic 
channel  content,  the  pilot  power  from  each  sector  is  constant  at  a  level  of  about 
20%  of  the  maximum  sector  transmit  power.  We  can  then  use  pilot  measurements 
to  characterize  all  of  the  paths  over  which  radio  energy  makes  it  from  the  sectors 


179 


in  the  network  to  the  mobile.  From  this  a  model  of  the  noise+interference 
covariance  matrix  for  a  fully  loaded  network  can  be  made. 

With  the  network  thus  characterized,  and  the  noise+interference  for  a  fully  loaded 
network  thus  modeled,  the  analysis  of  capacity  in  a  fully  loaded  network  proceeds 
much  as  it  did  for  the  PCS-band  measurements  [3]. 

5.1  Effect  of  Hand  Position  on  Antenna  Performance 


The  tests  were  done  with  two  different  styles  of  holding  the  phone,  illustrated  in 
Figure  2.  In  runs  labeled  “Finger,”  the  phone  is  held  as  in  Figure  2  a).  The  index 
finger  of  the  holding  hand  is  covering  the  part  of  the  phone  that  contains  the 
secondary  antenna.  In  the  runs  labeled  “No  Finger,”  the  phone  is  held  as  in  Figure 
2  b),  with  no  blockage  of  the  secondary  antenna  by  the  index  finger. 

Figure  5  shows  the  spatially-averaged  antenna  gain  for  the  primary  (whip)  and 
secondary  (MLA)  antennas  as  measured  in  an  anechoic  chamber  in  free  space  and 
including  the  effects  of  user  head  and  hand  losses.  In  this  paper  we  assume  this 
spatially  averaged  gain  is  equivalent  to  mean  effective  gain  (MEG)  [5],  a  quantity 
many  researchers  use  to  characterize  the  quality  of  antennas  in  land  mobile 
environments.  We  believe  this  to  be  a  good  assumption  for  the  multipath 
environments  that  are  typical  of  cellular  networks. 

Figure  5  is  based  on  tests  in  an  antenna  range.  “Free  Space”  refers  to  testing  the 
phone  with  nobody  holding  it,  so  there  is  no  blockage  from  head,  hand,  or  body. 
In  this  condition,  the  secondary  antenna  is  nearly  as  good  as  the  primary  antenna. 
“Phantom  Head”  refers  to  tests  in  which  the  phone  is  attached  to  a  plastic  head 
model,  but  no  blockage  due  to  a  hand  is  included.  Head  blockage  is  about  4  dB 
worse  for  the  secondary  antenna  than  for  the  whip.  This  indicates  why  whips  are 
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so  popular  on  cell  phones,  they  are  much  less  affected  by  head  blockage  than  any 
other  antennas  that  are  acceptable.  “Finger”  and  “No  Finger”  refer  to  hand  holds 
as  in  Figure  2.  The  data  for  “No  Finger”  and  “Phantom  Head”  are  similar, 
suggesting  that  the  “Phantom  Head”  is  a  good  approximation  to  a  phone  held  with 
no  finger  covering  the  secondary  antenna.  The  “Finger”  data  indicates  3.5  dB  of 
additional  blockage  of  the  secondary  antenna.  It  is  reasonable  to  attribute  3.5  dB 
blockage  to  the  index  finger  covering  the  antenna.  Although  not  shown  in  the 
figure,  finger  position  had  very  little  effect  on  the  MEG  of  the  whip  antenna. 


Mean  Effective  Gain 


Free  Phantom  No  Finger  Finger 

Space  Head 


Figure  5  -  Cellular  Phone  Antenna  Gain. 


5.2  Capacity  in  Cellular  Band 

Results  for  forward  capacity  increase  in  the  cellular  band  are  summarized  in 
Tables  2  and  3.  Each  shows  the  capacity  increase  averaged  over  drive  runs 
“Downtown,”  “Open,”  and  “Light  Industrial.” 

Tables  2  and  3  show  similar  trends  to  those  seen  in  the  PCS  band  in  Table  1.  The 
secondary  antenna  shows  a  somewhat  lower  system  capacity  used  alone  than  does 
the  whip  antenna.  Dual-antenna  schemes  increase  capacity  with  OC  most 
effective,  Switched  least  effective,  and  MRC  in  the  middle.  Increasing  from  4  to 
6  fingers  in  the  RAKE  receiver  gives  a  great  boost  to  OC  and  MRC  performance, 
but  almost  no  improvement  in  single  antenna  performance. 
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TABLE  2  -  Capacity  in  Cellular  Band,  No  Finger  Over  Secondary  Antenna 


I 

Relative  Capacity 

,  dB,  No  Finger  Over  MLA 

RX  fingers 

Whip 

MLA 

OC 

MRC 

Switched 

4 

Reference 

-0.7 

3.5 

2.1 

1.3 

6 

0.1 

-0.6 

4.1 

2.6 

1.4 

8 

0.1 

-0.6 

4.4 

2.8 

r  i.4 

TABLE  3  -  Capacity  in  Cellular  Band,  Finger  Over  Secondary  Antenna 


t  Relative  Ca 

pacity,  dB,  Finger  C 

iver  MLA 

RX  fingers 

Whip 

MLA 

OC 

MRC 

Switched 

4 

Reference 

-1.7 

2.9 

1.7 

0.9 

6 

0.1 

-1.6 

3.6 

2.3 

0.9 

8 

r  o.i 

-1.6 

3.8 

2.4 

1.0 

The  overall  combining  gains  are  fairly  similar  in  the  cellular  and  PCS  bands 
tested. 


5.3  Effect  of  Antenna  MEG  on  Capacity 


TABLE  4  -  Relative  Capacity  vs  MEG 


MEG 

(dB) 

Relative  Capacity,  (dB) 

Single  OC  MRC  Switched 

Whip 

-5.3  1 

0.1 

i .  . ■■■■■— 

MLA  NoFinger 

-9.4 

-0.6 

4.1 

2.6 

1.4 

MLA  Finger 

-12.9 

-1.6 

3.6 

2.4 

0.9 

The  effect  of  antenna  MEG  on  phone  sensitivity  can  be  seen  by  comparing  the 
Whip  and  MLA  columns  in  Tables  2  and  3  against  the  MEG  values  shown  in 
Figure  5.  This  comparison,  for  6-finger  RAKE,  is  presented  in  Table  4. 

The  “Single”  column  shows  the  capacity  of  a  single  antenna  phone  when  the 
MEG  of  the  single  antenna  varies.  The  top  row  is  for  a  single  antenna  whip 
phone.  The  next  two  rows  are  for  a  single  antenna  phone  based  on  MLA,  with  no 
finger  covering,  and  with  finger  covering  respectively.  While  the  MEG  drops  by  a 
total  of  7.6  dB  across  this  comparison,  the  system  capacity  drops  by  only  1.7  dB. 

The  OC,  MRC,  and  “Switched”  columns  allow  an  estimate  of  the  effectiveness  of 
the  secondary  antenna  in  a  dual-antenna  system  as  the  MEG  of  the  secondary 
antenna  is  decreased.  The  MLA  performance  as  a  single  antenna  declines  by  1.0 
dB  when  its  MEG  declines  by  3.5  dB.  The  MLA’s  ability  to  augment  system 
capacity  in  dual-antenna  schemes  declines  by  0.2-0.6  dB.  From  this,  we  conclude 
that  we  can  tolerate  a  secondary  antenna  with  MEG  significantly  inferior  to  that  of 
the  primary  antenna  without  paying  much  of  a  cost  in  performance. 
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5.3.1  Capacity  Gain  vs.  Difference  in  Received  Powers 

Another  look  at  how  combining  gain  works  is  seen  in  Figure  6.  Here,  the  PCS 
band  results  summarized  in  Figure  3  and  Table  1  above  are  re-analyzed.  These 
records  are  sorted  by  the  received  power  difference  between  the  Whip  and  Internal 
antennas.  With  a  1-dB  window  size  in  power  difference,  the  mean  required 
transmit  power  is  calculated.  A  6-finger  RAKE  receiver  is  assumed.  The  results 
are  expressed  relative  to  the  mean  required  transmit  power  for  the  phone  with  just 
a  single  Whip  antenna. 

The  relative  capacity  of  the  Internal  antenna  is  seen  to  decline  from  about  8  dB 
better  than  the  Whip  to  about  8  dB  worse  than  the  Whip  as  its  received  power 
declines  from  about  10  dB  better  than  the  Whip  (at  the  left  end  of  the  graph)  to 
about  15  dB  worse  than  the  Whip  (at  the  right  end  of  the  graph).  When  the 
relative  powers  of  the  two  antennas  are  about  equal,  their  relative  capacities  are 
also  about  equal. 

Relative  Capacity  Gain 


Figure  6  -  Relative  Capacity  vs.  RX  Power  Difference  between  Whip  and  Internal 

for  PCS  Points. 

The  3  dual-antenna  gains  for  OC,  MRC,  and  Switched,  are  seen  to  exceed  the 
single  antenna  (Whip  and  Int)  gains  when  the  Whip  and  Internal  antennas  receive 
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similar  amounts  of  power.  When  the  Whip  is  not  receiving  much  power,  the  dual¬ 
antenna  gains  are  not  much  above  the  Internal  antenna  gain,  as  seen  on  the  left 
edge  of  the  figure.  Similarly,  at  the  right  end  of  the  figure,  the  dual-antenna  gains 
are  not  much  better  than  the  Whip  alone  when  the  Internal  antenna  is  receiving 
reduced  power  levels. 

We  have  been  comparing  dual-antenna  gains  to  the  Whip  alone  as  reference.  We 
make  this  choice  of  reference  because  it  reflects  the  status  quo.  But  what  we  see 
in  this  figure  is  that  some  of  the  advantage  of  the  dual-antenna  schemes  is  that 
there  are  times,  due  to  random  fading,  when  the  internal  antenna  works  better  than 
the  Whip,  and  vice  versa,  and  that  this  accounts  for  much  of  advantage  of  a  dual¬ 
antenna  phone  over  a  single  antenna  phone.  But  what  we  also  see  is  that  for  those 
records  where  received  power  is  about  equal  between  the  two  antennas,  OC  and 
MRC  are  able  to  give  additional  gain  beyond  this. 

5.3.2  Why  MEG  Hardly  Matters:  Receive  vs.  Transmit 

The  first  reason  that  MEG  matters  so  little  is  because  we  are  considering  the  effect 
on  the  phone  receiver.  The  effect  of  MEG  on  phone  transmit  power  is  much 
stronger,  with  about  1  dB  more  average  phone  transmit  power  required  for  every  1 
dB  reduction  in  MEG.  But  only  the  primary  antenna  is  used  for  transmit.  So  we 
conclude  that  the  MEG  of  the  primary  antenna  is  much  more  important  than  the 
MEG  of  the  secondary  antenna,  because  the  MEG  of  the  primary  antenna  has  a 
large  impact  on  the  average  power  the  phone  must  transmit. 

5.3.3  Why  MEG  Hardly  Matters:  Noise  vs.  Interference  Limited  Receivers 

The  sensitivity  of  a  phone  receiver  is  limited  by  both  the  interfering  RF  power  that 
the  antenna  picks  up,  and  by  the  noise  added  by  the  receiver  chain.  With  a 
reasonable  antenna,  the  interfering  RF  power  will  vary  from  about  -100  dBm  up 
to  about  -30  dBm  as  the  phone  moves  around  the  cell.  The  noise  floor  will  stay 
fixed  at  about  -100  dBm  referred  to  the  antenna  connector.  For  the  relatively 
small  part  of  the  cell  where  the  receiver  noise  is  equal  to  or  greater  than  the 
interference,  the  receiver  is  said  to  be  noise  limited.  In  most  of  the  cell,  where  the 
various  interference  powers  are  much  larger  than  —100  dBm,  the  receiver  is  said  to 
be  interference  limited. 

Where  the  receiver  is  interference  limited,  the  SINR  is  determined  by  the  ratio  of 
the  signal  to  the  interference  powers.  Decreasing  MEG  will  simultaneously 
decrease  both  signal  and  interference  so  that  the  SINR  is  unaffected  by  MEG  in 
the  interference  limited  part  of  the  cell. 

The  receiver  is  noise  limited  in  only  a  small  part  of  the  cell,  at  the  edge  of 
coverage  where  received  powers  are  about  -100  dBm  up  to  -95  dBm.  Here  the 
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SINR  is  mostly  due  to  the  ratio  of  the  signal  power  to  the  noise  floor.  This  ratio  is 
proportional  to  the  MEG. 

Combining  these  effects,  in  most  of  the  cell  the  phone  is  interference  limited,  and 
changes  in  MEG  do  not  effect  the  sensitivity  of  the  phone.  In  the  small  part  of  the 
cell  on  the  edge  of  coverage,  changes  in  MEG  do  effect  the  sensitivity  of  the 
phone.  In  determining  the  influence  of  MEG  on  the  system  capacity,  it  is  the 
average  effect  of  MEG  on  sensitivity  which  is  important.  Averaging  the  smaller 
noise-limited  part  of  the  cell  with  the  larger  interference-limited  part  of  the  cell,  a 
relatively  weak  impact  of  MEG  on  average  receiver  sensitivity  is  seen. 


6.  Impact  of  Handoff  State  on  Diversity  Performance 


TABLE  5  -  Handoff  statistics  for  drive  tests. 


Percent  of  Records 

Active  Sectors 

PCS 

Cellular 

1 

44.1% 

54.5% 

2 

48.4% 

41.2% 

3 

7.4% 

4.3% 

4 

0.1% 

0.0% 

The  handoff  state  is  an  important  feature  of  this  analysis.  Mean  handoff  state  was 
1.6  and  1.5  sectors  for  PCS  and  cellular  bands,  respectively.  Table  5  presents  the 
distribution  of  handoff  states  for  all  the  tests  presented  here.  In  general,  handoff 
behavior  was  comparable  between  the  two  networks  tested. 

As  described  in  Section  4,  the  handoff  state,  i.e.  whether  the  phone  is  being  served 
by  only  1  sector  (no  handoff)  or  is  in  2-way  or  3-way  handoff,  has  an  effect  on  the 
load  the  phone  presents  to  the  system.  Furthermore,  higher  handoff  states  require 
a  larger  number  of  RAKE  receiver  fingers,  which  are  especially  constrained  in  the 
dual-receive-chain  diversity  architecture  (OC,  MRC),  where  two  fingers  are 
devoted  to  each  time-resolvable  path  being  tracked  by  the  receiver.  Conceivably, 
diversity  performance  is  compromised  during  high  handoff  states  with  smaller 
RAKE  sizes  (i.e.  4-  or  6-finger).  To  investigate  this  effect,  we  repeated  the 
analysis  summarized  in  Tables  1,  2,  and  3,  but  calculated  separate  mean  TX 
powers  for  records  corresponding  to  each  handoff  state.  Tables  6  and  7 
summarize  these  results  for  PCS  and  cellular  bands,  respectively. 

In  general,  performance  trends  were  comparable  between  the  PCS  and  cellular 
bands.  When  single-receiver-chain  phones  (Whip,  Internal,  and  Switched),  are 
not  in  soft  handoff  (i.e.  “1-way”),  we  observe  negligible  capacity  increase  as  more 
fingers  are  introduced  to  the  RAKE.  In  handoff,  capacity  improvements  with 
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added  fingers  are  more  apparent;  even  more  so  with  dual-receive-chain  phones 
(OC,  MRC). 

TABLE  6  Capacity  Increases  by  Handoff  State,  PCS  Band 


Handoff  State 

RX 

Fingers 

Whip 

Internal 

OC 

MRC 

Switched 

Capacity  relative  to  Whip,  dB 

1-way 

(No  Handoff) 

4 

Reference 

-0.7 

3.2 

2.4 

1.6 

6  | 

0.1 

-0.7 

3.5 

2.7 

1.7 

8  1 

0.1 

-0.7 

3.6 

2.8 

1.7 

2-way 

4 

Reference 

-0.5 

2.4 

1.7 

1.0 

6 

0.3 

-0.2 

3.2 

2.4 

1.2 

8 

0.4 

-0.1 

3.6 

2.7 

1.3 

3-way 

4 

Reference 

-0.5 

2.0 

1.3 

0.6 

6 

0.4 

-0.1 

2.7 

2.0 

1.0 

8 

0.6 

0.0 

3.3 

2.6 

1.1 

TABLE  7  Capacity  Increases  by  Handoff  State,  Cellular 


Handoff  State 

RX 

Fingers 

Whip 

Internal 

OC 

MRC 

Switched 

Capacity  relative  to  Whip 

i,  dB 

1-way 

(No  Handoff) 

4 

Reference 

-1.1 

4.0 

2.4 

1.5 

6 

0.0 

-1.1 

4.4 

2.7 

1.5 

8 

0.0 

-1.1 

4.5 

2.8 

1.5 

2-way 

4 

Reference 

-1.2 

3.0 

1.7 

0.9 

6 

0.1 

-1.1 

3.7 

2.3 

1.0 

8 

0.1 

-1.1 

4.0 

2.5 

1.0 

3-way 

4 

Reference 

-1.3 

2.5 

1.7 

0.9 

6 

0.2 

-1.2 

3.3 

2.4 

1.1 

8 

0.2 

-1.2 

3.6 

2.8 

1.1 

The  poorest  diversity  performance  is  observed  when  the  receiver’s  ability  to 
implement  soft  handoff  is  constrained  by  number  of  RAKE  fingers,  namely  3-way 
handoff  with  a  4-finger  RAKE.  In  this  scenario,  although  the  active  set  contains 
three  sectors,  only  two  may  be  temporally  combined  at  any  time  since  the  spatial 
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combining  architecture  requires  two  fingers  for  each  path  tracked.  Despite  this 
constraint,  significant  diversity  gains  are  still  observed  (2.0  and  2.5  dB,  PCS  and 
cellular  respectively)  relative  to  the  single-whip  architecture,  where  each  of  the 
four  RAKE  fingers  is  allowed  to  track  a  separate  time-resolvable  path. 
Furthermore,  our  results  suggest  that  the  overall  impact  of  this  diminished 
performance  is  small,  since  the  amount  of  time  spent  in  3-way  handoff  is  less  than 
10%.  This  is  apparent  in  the  overall  averages  shown  in  Tables  1, 2,  and  3. 

7.  Diversity  Gain,  Aperture  Gain,  and  Interference  Rejection 

The  kinds  of  gains  expected  from  a  two-antenna  system  are  Diversity  Gain, 
Aperture  gain,  and  Interference  Rejection.  From  comparing  the  results  of  the 
different  combining  algorithms  above,  a  certain  amount  can  be  said  about  the 
relative  importance  of  these  terms. 


7.1  Diversity  Gain 

The  signals  received  at  mobile  phones  nearly  always  suffer  from  fading.  In  the 
worst  fading  environments,  the  signal  can  fall  by  99%  below  its  mean  level  about 
1%  of  the  time. 

Diversity  Gain  refers  to  the  improvement  in  received  signal  level  if  the  better  of 
two  receive  antennas  is  used.  As  long  as  the  fading  is  not  completely 
synchronized  between  the  two  antennas,  it  is  possible  to  improve  the  average 
signal  level  in  this  way. 

The  Switching  algorithm  investigated  above  assumes  instantaneously  and 
perfectly  picking  the  better  of  two  antennas  in  each  record.  All  of  the 
improvement  of  the  Switching  algorithm  over  the  Whip  antenna  used  alone  is 
Diversity  Gain.  From  Table  1,  this  puts  Diversity  Gain  at  about  1.1  dB. 


7.2  Aperture  Gain 

Aperture  refers  to  the  collecting-area  of  an  antenna,  the  space  around  the  antenna 
from  which  it  can  absorb  signal  power.  Intuitively,  the  aperture  of  M  antennas 
should  be  about  M  times  as  large  as  the  aperture  of  one  antenna.  This  simple 
situation  can  be  complicated  by  the  following  considerations.  First,  if  the 
antennas  are  too  close  together,  then  their  apertures  will  overlap,  and  the  total 
aperture  will  be  less  than  the  sum  of  the  individual  apertures.  Second,  if  the 
secondary  antenna  is  less  efficient  than  the  primary  antenna,  then  the  total  aperture 
would  be  expected  to  be  less  than  the  twice  the  aperture  of  the  primary  antenna. 
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Both  of  these  complications  arise  in  the  handsets  investigated.  First,  the  antennas 
on  the  handset  are  quite  close  together.  Second,  the  secondary  antenna  does  see 
less  radiation  than  the  primary  antenna  due  to  head  and  hand  blockage.  Thus  we 
do  expect  an  aperture  gain  of  significantly  less  than  3  dB. 

We  can  estimate  the  Aperture  Gain  from  results  in  Table  1.  We  assume  that  the 
MRC  gain  of  2.4  dB  is  comprised  of  Diversity  Gain  and  Aperture  Gain.  Since  1.1 
dB  is  the  amount  of  Diversity  Gain  in  the  Switched  system,  which  maximizes  it, 
we  conclude  there  is  between  0  and  1.1  dB  of  Diversity  Gain  in  the  MRC  case. 
That  means  there  is  between  1 .3  and  2.4  dB  of  Aperture  Gain  in  the  MRC  case. 


7.3  Interference  Rejection 

When  a  signal  arrives  at  two  antennas,  it  arrives  with  some  RF  phase  difference 
between  the  two  antennas.  When  an  interferer  arrives,  it  also  has  some  RF  phase 
difference  between  the  two  antennas.  If  the  interferer  and  the  signal  have  different 
RF  phase  differences,  then  the  voltages  from  the  two  antennas  can  be  combined 
with  weights  that  tend  to  make  the  interfering  signal  smaller,  while  preserving  or 
even  enhancing  the  arriving  signal  voltage. 

In  simple  cases  with  a  strong  signal  and  a  single  strong  interferer.  Optimum 
Combining  will  nearly  completely  cancel  the  interference  out,  resulting  in  a  high 
Signal  to  Interference  Ratio.  In  more  complicated  cases,  with  multiple  interferes 
and  receiver  noise  to  consider,  OC  will  make  the  best  possible  trade-off  between 
signal  enhancement  and  interference  rejection. 

OC  gain  should  be  composed  of  Aperture,  Diversity,  and  Interference  Rejection 
gains  Again  using  Table  1,  and  building  on  the  results  of  sections  7.1  and  7.2,  we 
conclude  there  is  at  least  0.7  dB  of  Interference  Rejection  gain  in  the  OC  case 
along  with  between  0  and  1.1  dB  of  Diversity  Gain  and  between  0  and  2.4  dB  ot 

Aperture  Gain. 


7.4  Summary  of  Gain  Components 

We  attempt  to  break  out  the  Diversity  Gain,  Aperture  Gain,  and  Interference 
Rejection  components  of  the  total  dual-antenna  combining  gain  in  a  quantitative 
way.  But  we  do  not  have  exact  definitions  of  these  gain  components.  Then  it  is 
probably  best  to  conclude  that  Diversity  Gain,  Aperture  Gain,  and  Interference 
Rejection  are  all  in  the  neighborhood  of  1  dB,  and  are  all  playing  approximately 
equal  roles  in  the  total  combining  gain  that  we  see. 
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8. 


Usefulness  of  Forward  Capacity  Increase 


The  capacity  increase  can  be  used  in  three  ways.  First,  in  parts  of  systems  where 
capacity  is  limited  by  the  forward  link,  dual-antenna  phones  will  raise  forward 
capacity  so  that  the  higher  reverse  capacity  becomes  the  limit.  Second,  new  data 
services  demand  more  resources  on  the  forward  link  than  the  reverse  link.  By 
introducing  dual-antenna  phones,  forward  link  capacity  is  freed-up  for  use  in  data 
services.  Finally,  The  forward  link  capacity  increase  can  be  matched  by  a  reverse 
link  capacity  increase.  A  method  to  nearly  double  reverse  link  capacity  by 
upgrading  to  dual-polarized  antennas  at  the  base  stations  is  described 
elsewhere  [1,2]. 


9.  Antenna  Performance 


There  are  two  antenna-performance  issues  unique  to  dual-antenna  phones  that 
should  be  considered  and  compared  with  phone  performance.  The  first  is  Mean 
Effective  Gain  (MEG),  and  its  possible  imbalance  between  the  primary  and 
secondary  antennas.  The  second  is  the  question  of  antenna  independence, 
measured  typically  by  the  Fast  Fading  Correlation. 


9.1  Mean  Effective  Gain 

Mean  Effective  Gain  (MEG)  is  a  good  way  to  characterize  the  effectiveness  of  an 
antenna  at  coupling  to  signals  it  is  likely  to  receive.  The  MEG  comes  from 
averaging  the  antenna  gain  for  signals  coming  in  from  a  mix  of  directions 
consistent  with  what  the  phone  would  see  in  use. 

9.1.1  MEG  of  the  Primary  Antenna  (Whip) 

The  MEG  of  a  whip  on  a  handset  held  vertically  with  no  head  or  hand  near  it  is 
likely  to  be  0  dB  or  even  higher.  However,  in  use  the  following  factors  will 
reduce  the  MEG,  even  for  a  whip: 

•  The  antenna-handset  will  be  held  with  about  60°  of  tilt  away  from  vertical 

•  The  head  will  block  some  directions  and  absorb  some  radiation 

•  The  hand  will  provide  additional  blockage  and  absorption 

The  biggest  effect  of  holding  the  handset  is  reduction  in  gain  especially  in  the 
direction  of  the  head.  The  effect  of  this  on  MEG  is  to  reduce  it  typically  by  a  few 
dB  at  the  frequencies  in  the  PCS  band  but  can  be  as  large  as  -5  to  -8  dB  for  the 
cellular  band. 
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9.1.2  MEG  of  the  Secondary  Antenna,  and  Imbalanced  MEG 

The  secondary  antennas  we  consider  are  placed  inside  the  phone  plastics.  In  this 
location,  these  antennas  are  much  more  susceptible  to  blockage  by  the  phone 
itself,  and  by  the  hand  or  fingers  of  the  user.  Efforts  are  made  to  put  them  as  high 
on  the  back  of  the  phone  as  possible  to  minimize  that  blockage.  Even  so,  the 
secondary  antenna  MEGs  are  anywhere  from  4  to  15  dB  less  than  that  of  the 
Primary  antenna. 


9.2  Fast-Fading  Power  Correlation 

For  a  dual-antenna  receiver  to  work,  it  is  necessary  that  the  two  antennas  not  see 
exactly  the  same  signals.  It  may  be  thought  that  if  two  antennas  are  too  close 
together,  the  signals  they  see  will  be  too  similar  to  be  exploited  for  combining- 
gain  in  a  dual-antenna  system.  In  fact  what  we  have  seen  is  that  every  phone  we 
have  tested  has  had  combining  gain.  It  appears  that  any  reasonable  dual-antenna 
design  will  work. 

The  most  common  metric  to  describe  the  similarity  between  signals  from  two 
antennas  is  the  Fast-Fading  Power  Correlation.  We  will  refer  to  this  simply  as 
“correlation.”  Fast-fading  refers  to  variation  in  received  power  as  an  antenna 
moves  over  a  distance  scale  of  ~1  m  or  less.  Correlation  can  range  theoretically 
from  -1  where  the  fading  is  exactly  opposite  on  each  antenna,  to  1  where  the  two 
antennas  fade  simultaneously.  Low  or  zero  correlation  means  that  whether  or  not 
one  antenna  is  in  a  deep  fade  makes  no  difference  to  the  probability  that  the 
second  antenna  will  also  be  in  a  deep  fade. 

We  find  no  measurable  degradation  due  to  fast-fading  correlation  between  the 
primary  and  secondary  antennas.  First,  we  have  found  it  is  difficult  to  design  two 
antennas  that  are  more  than  40%  correlated,  even  when  the  antennas  are  quite 
close  together.  Second,  we  expect  MRC  to  work  without  degradation  up  to  about 
70%  correlation,  with  OC  working  well  to  even  higher  levels  of  correlation. 
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Abstract 

An  experimental  conformal  array  of  microstrip  patch  elements  was  built  on  the 
surface  of  a  scaled  aircraft  wing.  The  array  wraps  completely  around  the  wing  in  a  belt¬ 
like  fashion,  oriented  in  a  plane  perpendicular  to  the  wing’s  leading  edge.  The  goals  of  this 
effort  were  to  characterize  the  electromagnetic  performance  of  the  array  using  analysis, 
simulation  and  measurement,  and  to  develop  methods  of  pattern  control  for  this  unusually 
shaped  array.  While  considerable  research  on  conformal  arrays  has  been  reported  in  the 
literature,  this  work  addresses  the  more  generalized  case  of  a  conformal  array  with 
variable  curvature  on  a  non-canonical  surface.  Because  of  this,  the  array  far-field  pattern 
can  not  be  obtained  through  a  modal  expansion,  as  may  be  done  for  circular  and  even 
elliptical  conformal  arrays.  A  first-order  electromagnetic  analysis  is  presented  which 
accounts  for  the  variable  curvature  of  this  wing  array,  and  its  elements,  including  mutual 
coupling  effects.  Element  patterns  simulated  using  this  analysis  are  presented  and 
compared  against  measured  element  patterns.  The  use  of  an  array  pattern  synthesis 
technique  is  described  which  provides  a  robust  and  practical  approach  to  conformal  array 
pattern  control.  Examples  of  this  method  are  given  for  several  cases,  and  comparisons  are 
made  between  array  patterns  that  were  synthesized  using  simulated  versus  measured 
element  patterns. 

1.0  Introduction 

Airborne  phased  array  antennas  are  typically  planar  in  shape  and  often  reside  within  a 
box-like  radome  that  has  farings  to  blend  the  radome  into  the  smooth  curvature  of  the  aircraft. 
While  this  may  not  be  a  major  problem  at  higher  frequencies,  planar  arrays  at  lower  frequencies 
are  often  too  large  to  fly,  or  have  limited  gain  due  to  the  lack  of  sufficient  planar  real  estate 
aboard  the  aircraft.  Conformal  arrays  which  are  wrapped  around  the  fuselage  or  reside  upon 
sections  of  the  wings  offer  the  prospect  of  utilizing  far  more  surface  area  of  the  aircraft,  and  thus, 
can  increase  array  gain  performance  without  increasing  aerodynamic  drag.  The  curvature  of 
conformal  arrays  also  can  potentially  improve  scanning  performance  in  many  cases  because  the 
active  region  of  the  array  may  be  commutated  around  the  aircraft’s  curvature,  enabling  beam 
scanning  well  beyond  the  typical  ±  60°  scan  limits  of  most  planar  electronically  scanned  arrays. 
The  penalties  for  these  improvements  include  the  need  to  understand  the  significantly  more 
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complicated  electromagnetic  behavior  of  these  arrays,  develop  conformal  array  design  and 
simulation  tools,  and  develop  an  adequate  means  of  conformal  array  control. 

The  conformal  wing  array  studied  in  this  effort  is  shown  in  Fig.  1.  It  is  comprised  of  116 
cylindrically  curved,  rectangular  microstrip  patch  antenna  elements  arranged  in  a  conformal  ring 
oriented  perpendicular  to  the  wing’s  leading  edge.  The  array  elements  were  designed  as  linearly 
polarized  E-plane  patches,  and  have  an  arbitrarily  chosen  center  frequency  of  5.45  GHz.  They 
were  fabricated  from  Rogers  Duroid  on  a  numerically  controlled  micro-router  machine.  The 
average  measured  bandwidth  of  these  elements  was  about  1%.  Despite  design  efforts  to  control 
variations  in  center  frequency,  some  elements  exhibited  resonance  between  5.35  GHz  and  5.45 
GHz.  The  radius  of  curvature  of  this  wing  section  varies  from  as  small  as  7J2  up  to  >10001  at 
the  center  frequency.  Despite  the  narrow  bandwidth  of  these  elements,  they  are  ideally  suited  for 
this  investigation  which  seeks  to  characterize  the  electromagnetic  behavior  and  control  of  a 
conformal  array  with  highly  variable  curvature.  Details  of  the  element  and  array  designs  were 
provided  in  a  previous  paper  [1]. 

2.0  Electromagnetic  Analysis  of  Conformal  Arrays  With  V ariable  Curvature 

2.1  Conformal  Wing  Array  Geometry 

As  illustrated  in  Fig.  2,  the  element  numbering  scheme  begins  with  Element  1,  located 
just  above  the  centerline  of  the  leading  edge  of  the  wing.  Element  index,  n  —  {1,2,  3, ... ,  116}, 
increases  from  the  leading  edge  to  the  trailing  edge  above  the  wing,  and  from  the  trailing  edge  to 
the  leading  edge  below  the  wing,  with  Element  116  located  just  below  Element  1.  Fig.  2  also 
illustrates  the  system  of  global  coordinates,  which  are  used  to  describe  the  geometry  of  the  wing, 
and  a  generalized  system  of  local  coordinates,  which  are  used  to  describe  the  local  geometry  and 
orientation  of  any  given  element  in  the  array.  The  global  coordinate  system  (x,  y,  z)  in  spherical 
coordinates  (r,0,  <f>)  is  centered  at  the  center  of  mass  of  the  wing  section.  The  local  coordinate 
system  and  local  geometry  are  different  for  every  element  in  the  array.  Relative  to  the  center  of 
mass,  the  n,h  element  location  in  the  global  coordinate  system  is  described  by  vector  r'„.  The 
observation  point  in  the  far-field  region  (r  »  X)  is  defined  by  vector  r  =  r  r,  where  r  =  |  r  |,  and 
unit  vector  r =  r  /  r  is  defined  in  global  coordinates  along  a  ray  from  the  origin  to  the  far-field 
observation  point. 

2.2  Element  Far-Field  Pattern 

th 

For  a  plane  wave  incident  upon  the  array  at  an  angle  which  illuminates  the  n  element, 
the  incident  voltage  at  the  nlh  element  port  is  described  by  a  complex- valued  coefficient,  a„. 


and  the  resulting  power  incident  on  the  n,h  element,  P„inc,  is  given  as  follows,  where  Zc  is  the 
characteristic  impedance  of  the  element  feed  port  transmission  line. 
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(2) 


P  inC  = 
r  n 


For  the  case  of  a  singly  excited  element  in  a  conformal,  match-terminated  array  environment,  the 
electric  field  pattern  observed  in  the  far-field  can  be  written  as  follows, 

pinc  pfan 

E n(r,  0,  </>)=,  f -  e„(0,  4),  (3) 

V  Ait  rn 


where  vector,  t„(0,  <f>),  is  the  complex- valued  electric  field  pattern  of  the  nth  array  element,  and 
=^H0e0  =  367.7  ohms,  is  the  characteristic  impedance  of  free-space.  Substituting  Eq.  2  into  Eq. 

3,  and  using  the  scalar  r„  =  |  r  -  r\  | ,  defined  as  the  distance  from  the  nth  element  to  the  far-field 
observation  point,  we  can  write  the  following. 


E„(r,  0,  4)  = 


1 


an  &n(0>  4) 


(4) 


The  nth  element  far-field  pattern,  en(0,  4),  can  be  decomposed  into  components  in  the  0  and  4 
directions,  as  follows, 


tn(0,  4)-  9  *no(0,  4)  +  $  *nf(0,  4)  (5) 

where 

MG  <t>)  =  MG  4)\  ej¥”em  (6a) 

MG  <f>)  =  MG,  4)\  .  (6b) 


The  gain  of  the  nth  element  may  be  written  as, 


where 


gn  (G  4) 


Z0s0n  ' 


(7) 

(8) 


A  A 

Substituting  Eq.  8  into  Eq.  7,  the  element  gain  can  be  written  in  terms  of  0  and  4  components, 
as  follows. 
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gn(9>  <t>)  ~  I zne(0,  <p)f  +  |en(((^  $|2 


(9) 


2.3  Array  Far-Field  Pattern 

In  the  following  development  of  the  far-field  conformal  array  gain,  it  is  assumed  that  a 
plane  wave  is  incident  within  the  field  of  view  of  an  active  aperture  of  N  consecutive  elements. 
Using  the  equation  for  E„(r),  the  electric  field  of  the  n*  element,  as  given  in  Eq.  4,  the  far-field 
pattern  of  an  array  of  N  elements  is  obtained  by  superposition  of  the  fields  from  each  element  as, 

B(r)  =  ±B.(r)>  (10) 

rt=l 

where 


*00= 


e 


~jkr  A  /  \ 

r  „=i 


jkrn-r 


(11) 


In  this  expression,  we  have  used  the  far-field  approximation,  rn  *  r ,  in  the  amplitude  factor  1/r*  , 
since  r  »  D/A.  Consequently,  the  array  gain  may  be  written  as, 


where, 


G(&,  0  = 


*.oo-*:oo 


p.=tp~ 


n-\ 


(12) 


(13) 


and  upon  substitution  of  Eq.  13  into  Eq.  12,  the  final  form  of  the  /^-element  conformal  array  gain 


may  be  written  as, 


(14) 


As  in  all  arrays,  the  gain  of  the  conformal  wing  array  is  a  function  of  the  magnitudes,  |  a„  |,  of 
each  element  excitation  coefficient,  a„.  To  produce  a  beam  in  the  (O0,<f>0 )  direction,  the  phase  of 

each  a„  must  be, 

ccn=-krn-r-y/{90,<l>0)  .  O5) 
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The  magnitudes  of  the  excitation  coefficients  can  vary  depending  on  the  array  pattern 
requirements.  Specific  cases  can  be  studied  which  yield  low  sidelobes,  produce  nulls  in  the 
pattern,  or  even  produce  multiple  main  beams.  In  addition,  a  particular  set  of  coefficients  can  be 
chosen  to  achieve  maximum  gain  at  a  particular  scan  angle  [2]. 

As  seen  from  Eq.  14,  the  element  patterns,  e„(0,  <f>),  must  be  known  in  order  to  evaluate 
the  gain  patterns  of  a  conformal  array  with  variable  curvature,  however,  this  is  not  a  simple  task. 
For  large  radii  of  curvature,  it  is  common  practice  to  approximate  the  variably  curved  conformal 
array  element  patterns  by  the  element  patterns  of  a  large  planar  array.  In  this  technique,  the 
planar  element  patterns  are  oriented  parallel  to  the  local  radius  of  curvature  of  the  variably 
curved  conformal  array.  This  technique  is  the  so-called  zeroth-order  solution  because  the 
elements  are  modeled  as  tilted,  flat  elements  on  a  variably  curved  surface.  This  technique  works 
rather  poorly  when  the  array's  radius  of  curvature  approaches  the  physical  size  of  the  element. 

In  this  paper,  we  extend  the  realism  of  the  analysis  of  a  variably  curved  conformal  array 
one  step  farther  by  approximating  its  2-D  local  curvature  using  a  circular  array,  whose  radius 
approximately  matches  the  local  curvature  of  the  variably  curved  array.  This  approach  takes  into 
account  array  curvature,  conformal  element  curvature,  and  mutual  coupling  effects,  to  first  order. 
To  facilitate  the  electromagnetic  computations  in  this  analysis,  a  commercial  code  was  used 
known  as  "Cylindrical  Microstrip  Patch  Analysis",  or  CyMPA,  [3].  This  code  uses  the  Method 
of  Moments  with  a  cylindrical  modal  expansion  to  compute  the  element  patterns,  element 
impedances,  and  mutual  coupling  for  circularly  cylindrical  arrays.  In  our  case,  the  cylinder 
width  is  only  one  element,  which  reduces  die  cylinder  to  a  circular  ring. 

2.4  First-Order  Approximation  of  Mutual  Coupling 

To  this  point,  we  have  described  the  gain  of  an  ^-element  active  aperture  region  of  the 
conformal  wing  array  without  specifically  addressing  mutual  coupling.  However,  as  with  linear 
and  planar  arrays,  mutual  coupling  can  have  a  significant  effect  on  the  radiation  pattern  of  the 
conformal  wing  array.  In  this  case,  mutual  coupling  varies  not  only  as  a  function  of  interelement 
separation  distance,  but  also  as  a  function  of  local  array  curvature.  At  elements  1  and  1 16,  which 
reside  on  the  leading  edge  of  the  wing,  the  rate  of  change  in  array  curvature  is  so  fast  that  these 
elements  essentially  experience  edge  effects  similar  to  that  of  the  endmost  elements  in  linear  or 
planar  arrays  when  no  "dummy"  elements  are  used.  Along  the  leading  edge  of  the  conformal 
wing,  it  is  impossible  to  extend  the  ground  plane  and  provide  "dummy"  elements  to  soften  the 
abrupt  end  of  the  mutual  coupling  environment,  because  the  ground  plane  is  the  wing  itself. 

A  scattering  matrix  formulation  is  used  to  examine  the  mutual  coupling  in  the  variably 
curved  conformal  wing  array.  Referring  to  Fig.  3,  electromagnetic  coupling  between  elements  n 
and  n',  can  be  characterized  by  a  scattering  coefficient  ,  which  is  defined  as  the  geometric 
mean  of  the  scattering  coefficients  Sw  and  Sjf,  given  as, 


S  .=  Is.,s~  . 

nn  y  ii  jj 


(16) 


Sw  is  defined  as  the  coupling  coefficient  between  elements  i  and  V  on  a  circle  corresponding  to 
the  local  geometry  at  element  n,  and  similarly,  is  the  coupling  coefficient  between  elements/ 
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and  /'  on  a  different  circle  corresponding  to  the  local  geometry  at  element  n'.  With  this  approach, 
the  scattering  matrix  of  the  variably  curved  conformal  array  satisfies  the  symmetry  condition, 
such  that,  Snn-  =  S„'„.  For  large,  smoothly  varying  curvature,  this  approximation  gives  adequate 
accuracy  assuming  that  elements  n  and  n'  are  not  too  far  apart.  For  elements  with  \n-n  \  >  3  or 
4  we  set  S„„-  =  0,  because  mutual  coupling  falls  off  exponentially  and  its  effects  are  assumed 
minimal  at  this  separation  distance.  Thus,  the  scattering  matrix  of  the  variably  curved  conformal 
array  is  symmetric  and  has  non-zero  elements  along  and  near  its  diagonal. 

Using  the  CyMPA  code  to  compute  a  scattering  coefficient,  Sin',  between  the  ith  and  nth 
elements,  the  scan-dependent  active  reflection  coefficient  at  the  n  element  is  given  by, 


-rM 


(17) 


In  Eq.  17,  a,  and  a„  are  the  incident  voltages  at  elements  i  and  n,  respectively,  and  (0o,<po)  is  the 

desired  scan  direction  of  the  main  beam.  For  the  case  of  our  conformal  wing  array  <f>0  =  0.  Since 
conformal  element  impedance  varies  as  a  function  of  curvature,  ideally,  each  element  should 
have  a  different  design  to  accommodate  the  variable  curvature  around  the  wing,  and  as  a  result, 
each  element  should  also  have  a  different  impedance.  If  this  were  the  case,  each  element  would 
require  a  different  impedance  matching  network,  such  that  |r„|  =  0,  for  all  n.  However,  for 
practical  reasons,  all  elements  were  based  on  only  one  element  design  which  exhibited  fairly 
good  VSWR  for  all  radii,  and  these  are  matched  at  broadside,  at  the  center  frequency  [1]. 

The  total  voltage  at  the  n‘h  element  port  can  be  written  in  terms  of  the  incident  voltage,  a„, 
and  the  reflected  voltage,  b„,  as  follows, 


c„=an+b„  =  cn\e 


j5n 


(18) 


After  calculating  the  active  reflection  coefficient  of  the  nth  element  using  Eq.  17,  the  total  voltage 
at  thr.  vth  foment  nort  now  be  written  in  terms  of  the  nh  active  reflection  coefficient  T„{0o,<po)  as 

(19) 


at  the  nih  element  port  now  be  written 

c„  {0O  ,<t>o)=an  >&X1  +  rn  (0O  ’  to  )) 


Eqs  17-19  were  used  in  a  Matlab  code  that  used  the  scattering  parameter  output  from  CyMPA, 
to  compute  the  theoretical  array  patterns,  including  the  case  of  the  maximum  gain  pattern,  which 
were  reported  earlier  [1]. 

3.0  Element  Pattern  Measurements 


3.1  Experimental  Configuration 

The  antenna  element  patterns  were  measured  in  a  70’  x  35’  x  40’  anechoic  chamber.  Fig. 
4,  shows  the  location  of  the  measurement  equipment  in  the  anechoic  chamber  and  the  general 
experimental  setup.  The  wing  section  is  mounted  end-on  to  an  antenna  mount  that  rotates  in  the 


^-plane  with  respect  to  the  global  coordinate  system  in  Fig.  2.  Thus,  the  wing  is  oriented  so  its 
leading  edge  is  vertical.  As  the  antenna  mount  is  rotated,  elevation-plane  element  patterns  are 
measured  by  rotating  the  antenna  mount  azimuthally  with  respect  to  the  ground.  The  antenna 
mount  positioner  and  the  analog-to-digital  converter  (ADC)  that  records  the  measured  element 
patterns  are  controlled  using  a  GPIB  instrument  bus  connected  to  a  Windows  NT  workstation. 
The  ADC  is  connected  to  a  single  Element-Under-Test  (EUT)  through  a  triple  stage  receiver. 
The  receiver- ADC  pair  is  manually  moved  to  each  element  in  the  array,  one  at  a  time,  in  order  to 
measure  and  digitally  record  the  116  different  element  patterns.  The  ADC  samples  the  received 
EUT  signal  at  a  rate  of  10  MS/s.  Since  it  takes  several  minutes  for  the  antenna  mount  to  rotate 
through  360°,  the  amount  of  data  that  would  be  acquired  for  each  element  would  be  too  large  to 
permit  continuous-sweep  measurements. 

Instead,  the  mount  is  rotated  in  short  discrete  angular  sweeps  and  data  is  recorded  at  fixed 
angular  positions  when  the  mount  comes  to  rest  in  between  movements.  The  antenna  mount 
positioner  provides  the  absolute  angle  data  necessary  to  achieve  precise  angular  synchronization 
between  the  antenna  mount  rotation  angle  and  the  sampled  data.  However,  since  Windows  NT  is 
an  event-driven  operating  system,  not  a  real-time  operating  system,  the  action  of  starting  and 
stopping  the  data  acquisition  for  each  discrete  sweep  causes  the  measurement  phase  reference  to 
be  lost.  To  maintain  phase  reference,  the  output  of  the  RF  source  is  split  into  two  paths.  A  large 
portion  is  radiated  at  the  EUT  from  a  C-band  standard  gain  horn,  while  a  much  smaller  portion  is 
transmitted  over  a  coax  cable  to  a  second  receiver-ADC  pair,  where  it  is  demodulated,  sampled, 
and  used  as  a  phase-reference  for  element  pattern  measurements.  The  output  phase  of  the  EUT 
is  compared  to  the  reference  phase,  and  their  difference  is  recorded  as  the  measured  phase  of  the 
EUT.  Fig.  5  shows  a  block  diagram  of  the  RF  source  and  reference  signal  configuration. 

Measurement  linearity  is  paramount  to  achieving  accurate,  repeatable  measurements.  To 
determine  the  linearity  of  each  receiver,  the  RF  power  at  the  receiver  input  port  is  compared  to 
the  power  measured  at  the  receiver  output  port.  Output  power  readings  above  the  1  dB 
compression  point  are  considered  to  be  in  the  non-linear  region  of  the  receiver,  and  are  avoided 
by  reducing  the  input  power.  The  RF  source  output  power  is  then  set  to  fall  midway  within  the 
linear  range  of  the  receivers,  illustrated  in  Fig.  6.  With  the  equipment  used  in  this  experiment,  the 
receivers  exhibit  linearity  up  to  a  maximum  input  power  level  of -17  dBm,  corresponding  to  the 
1  dB  compression  point  of  the  receivers.  Using  the  definition  of  dynamic  range  that  is  based  on 
the  1  dB  compression  point,  the  receivers  and  ADCs  used  in  these  measurements  exhibited  a 
dynamic  range  of  55  dB. 

A  block  diagram  of  the  measurement  configuration  is  shown  in  Fig.  7.  The  absolute  gain 
of  a  single  element  is  measured  using  a  standard  gain  horn  mounted  directly  below  and  in  front 
of  the  wing  EUT.  The  difference  between  the  power  received  at  the  output  of  the  standard  gain 
horn  and  the  absolute  gain  listed  in  the  standard  gain  horn's  "certified  gain  table"  is  added  to  the 
received  power  measured  at  the  output  port  of  the  EUT.  The  resulting  value  is  the  measured 
absolute  gain  of  the  EUT  at  broadside.  Element  39,  exhibited  a  measured  absolute  gain  of  +3.4 
dBi.  This  value  is  fairly  low  compared  to  typical  microstrip  patch  elements,  which  have  absolute 
gains  of  about  +7  dB.  As  discussed  in  Section  4,  however,  this  was  the  case  for  more  than  75  % 
of  the  elements  in  the  array. 
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3.2  Platform-Induced  Multipath 


In  order  to  take  accurate  element  pattern  measurements,  it  is  critical  to  excite  the  wing 
array  elements  with  a  plane  wave  and  eliminate  multipath  due  to  the  plane  wave  bouncing  off  the 
walls  floors  and  ceiling  of  the  anechoic  chamber,  and  from  the  equipment  within  the  chamber. 
However,  our  wing  section  also  has  some  inherent  “multipath”  such  as  scattering  from  the  edges 
of  the  wing,  which  is  an  important  feature  of  the  measured  element  patterns.  The  anechoic 
chamber  is  equipped  with  24"  anechoic  absorber  designed  to  have  a  return  loss  of  -70  dB  for  X- 
band  radiation  at  broadside.  However,  some  of  the  radiation  is  incident  on  the  absorber  at 
shallow  oblique  angles,  where  the  absorber  performance  is  considerably  derated.  Scattering  an 
reflections  of  the  plane  wave  from  these  portions  of  the  chamber  induce  undesired  multipath  in 
the  pattern  measurements.  In  order  to  determine  the  presence  of  this  multipath,  and  measure  its 
extent,  the  phase  and  amplitude  of  the  incident  plane  wave  was  measured  in  the  anechoic 
chamber's  quiet  zone  using  a  standard  gain  horn  mounted  to  a  horizontal  sled.  The  sled  was 
located  perpendicular  to  the  angle  of  plane  wave  incidence,  and  positioned  just  below  the  wing 
array  A  standard  gain  hom  was  used  as  a  probe,  and  was  positioned  in  front  of  the  array  at  the 
same  height  as  the  array  elements.  The  probe  was  moved  linearly  across  the  sled  in  front  ofthe 
array  while  the  received  amplitude  and  phase  were  recorded  using  a  receiver- ADC  pair,  ihis 
effectively  measured  a  horizontal  slice  ofthe  quiet  zone  immediately  in  front  ofthe  array. 


As  seen  in  Fig  8,  the  results  of  this  scan  indicate  a  relatively  flat  amplitude  profile  ofthe 
incident  wavefront,  with  a  ripple  of  just  +/-  0.15  dBm.  The  standard  gain  horn  used  as  the  probe 
in  this  measurement  has  a  gain  response  that  is  flat  to  within  +/-  0.3  dB,  which  is  greater  than  the 
observed  ripple.  Fig.  8  also  shows  the  phase  profile  of  the  incident  wavefront,  which  exhibits  70 
degrees  of  curvature  from  edge  to  center,  measured  over  a  distance  of  6  feet.  This  phase 
difference  is  due  to  the  nearly  quarter  wavelength  difference  in  path  length  between  the  transmit 
oaths  when  the  probe  is  at  the  end  limits  ofthe  sled  track,  compared  to  the  transmit  path  when 
the  probe  is  at  the  center  of  the  sled  track.  These  results  indicate  that  the  wave  incident  on  the 
wing  array  is  relatively  free  of  chamber-induced  multipath,  to  within  the  tolerances  of  the 
equipment  and  measurement  techniques.  Therefore,  it  is  concluded  that  any  npple  observed  in 
the  measured  element  pattern  data,  greater  than  +/-  0.3  dB,  is  likely  a  direct  result  of  multipath 
from  the  wing  itself.  Examples  of  this  ripple,  which  was  observed  in  only  some  of  the  wmg 
array’s  element  patterns,  can  clearly  be  seen  in  Figs.  14-16. 

To  model  the  ripple  found  in  the  half  power  beamwidth  of  the  element  patterns,  the  wing 
can  be  analyzed  in  the  far  field.  A  length  L  separates  the  EUT  and  the  scattering  point,  e.g.  wing 
trailing  edge.  The  distance  difference  changes  as  the  wing  rotates.  For  a  given  angle,  a ,  that 
changes  by  a  small  increment,  Aa,  the  distance  the  two  elements  travel  with  the  respect  to  one 

another  (As)  is 


As  =  Tcos(a)Aa 


(20) 


This  is  a  fraction  of  a  wavelength  and  therefore  a  fraction  of  a  ripple  for  some  small  angle  rotated 
Aa.  Every  wavelength  of  distance  difference  causes  a  full  period  of  ripple  as  the  phase  vectors 
ofthe  sources  constructively  and  destructively  interfere.  Thus,  the  ripples  per  radian  that  the 

pattern  sees  for  this  angle  a  is 
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ripples  Lcosfa) 

coR  =  — — —  = -  (21 ) 

radian  X 

Converting  the  units  from  ripple  per  degree  to  ripples  per  radian,  and  using  a  wavelength  of  2.2 
inches,  which  corresponds  to  the  operating  frequency  of  5.45  GHz,  allows  the  distance  from  the 
EUT  to  the  interference  point  to  be  calculated. 

To  investigate  the  angular  spatial  frequency  of  the  ripple  in  an  element  pattern  in  more 
detail,  we  worked  only  with  the  HPBW  portion  of  the  pattern.  This  region  of  die  pattern  is  then 
approximated  by  a  function  obtained  using  a  fourth-order  polynomial.  By  subtracting  this 
polynomial  from  the  measured  data,  the  shape  of  the  element  pattern  is  removed,  leaving  only 
the  platform-induced  ripple.  Taking  the  Fast  Fourier  Transform  (FFT)  of  the  resulting  ripple 
data  provides  a  power  spectrum  of  the  ripple,  enabling  the  dominant  spatial  frequencies  of  the 
ripple  to  be  identified.  Fig  9  is  a  plot  of  the  FFTs  from  each  element  for  which  this  technique 
was  applied.  With  this  data  it  is  possible  to  correlate  dominant  ripple  to  the  physical  features  of 
the  wing  that  produce  scattering.  As  seen  along  the  ridge  inside  the  white  box  in  Fig.  10,  element 
72  is  about  18”  from  the  interference  point  and  element  110  is  nearly  4.5’  from  the  interference 
point.  These  are  the  approximate  distances  of  the  elements  from  the  trailing  edge  of  the  wing. 

3.3  Measured  Patterns 

Absolute  gain  patterns  were  measured  for  the  array  elements  when  illuminated  by  the  far- 
field  standard  gain  horn  oriented  in  both  E  and  H  polarizations,  producing  co-pol  and  cross-pol 
relative  linear  polarizations.  This  was  achieved  by  rotating  the  far-field  standard  gain  horn  by 
90°.  Fig.  10  shows  the  absolute  gain  patterns  of  element  39,  for  the  co-pol  and  cross-pol  states, 
respectively.  The  peak  for  the  cross-polarization  pattern  is  about  27  dB  down  from  the  peak  of 
the  co-polarization  pattern. 

4.0  Comparison  of  Theoretical  vs.  Measured  Element  Patterns 

This  section  compares  the  measured  element  patterns  versus  the  simulated  element 
patterns  that  were  computed  to  first-order  using  CyMPA.  While  our  theoretical  electromagnetic 
model  accounts  for  the  local  curvature  of  the  wing  at  the  center  of  each  element,  any  variation  in 
curvature  across  the  surface  of  a  particular  element  is  not  accounted  for,  nor  are  the  multipath 
effects  induced  by  the  global  geometry  and  edges  of  the  wing  surface.  Comparisons  are  made 
for  sectors  of  the  variably  curved  wing  surface  that  have  radically  different  rates  curvature,  in 
order  to  demonstrate  the  conditions  under  which  our  model  most  accurately  predicts  and  fails  to 
predict  the  measured  element  pattern  behavior. 

4.1  Absolute  Gain 

Our  experimental  results  indicated  that  element  39  has  an  absolute  gain  of  3.4  dBj.  By 
converting  the  remaining  element  gains  to  an  absolute  scale,  the  mean  gain  of  all  elements  was 
found  to  be  about  1.9  dBj.  However,  there  are  a  few  elements  whose  absolute  gains  fall  well 
below  this  average.  These  outliers  most  likely  occur  due  to  poor  electrical  connections,  or 
pealing  of  the  microstrip's  copper  cladding  from  the  extremely  thin  dielectric  layer  in  the  narrow 
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regions  of  the  element  feed  microstrip  transmission  lines,  as  well  as  element  impedance 
mismatches  which  may  result  from  slight  frequency  shifts  in  the  element  resonant  frequency.  In 
order  to  mitigate  the  effects  of  the  outliers  on  the  calculation  of  the  mean,  the  median  gain  was 
computed  across  all  elements  and  found  to  be  2.8  dB;.  In  previous  work  [1],  our  theoretical 
model  predicted  the  mean  absolute  gain  across  all  elements  to  be  about  6.5  dBj.  Although  there 
is  almost  a  4  dB  discrepancy  between  the  predicted  and  measured  gains,  there  seems  to  be  no 
observable  element  gain  dependence  as  a  function  of  element  location  for  either  the  simulated  or 

measured  data. 

4.2  Normalized  Pattern  Characteristics 

The  simulated  element  patterns  were  computed  with  respect  to  each  element's  local 
angular  coordinate  system,  in  which  yn=  Pn  -<P  is  the  angle  between  the  ri  element  normal 
vector  and  the  far-field  observation  point,  as  shown  in  Fig.  2.  Thus,  y„  =  0°  represents  element 
broadside  in  local  coordinates.  In  order  to  make  a  direct  comparison  between  the  predicted  and 
measured  pattern  characteristics,  each  measured  pattern  was  translated  from  global  to  local 
coordinates  by  aligning  the  direction  of  the  element  normal  with  local  0°.  The  element  normals 
were  readily  available,  since  they  had  been  previously  computed  as  part  of  the  conformal  wing 
design  process  [1]. 

Figs.  11-16  are  plots  of  normalized  element  patterns  as  a  function  of  local  angle,  where 
the  simulated  element  pattern  is  shown  as  a  dashed  curve  and  the  measured  pattern  is  shown  as  a 
solid  curve.  The  dotted  curve  is  a  “smoothed”  version  of  the  measured  data.  Each  point  along 
this  curve  represents  the  mean  value  of  the  measured  data  within  a  +/-  7.5°  kernel,  that  is,  within 
a  symmetric  window.  This  function  allows  us  to  view  the  envelopes  of  the  measured  patterns 
more  clearly  and  compute  the  beam  centers  with  greater  precision.  The  location  of  the  beam 
center  in  each  plot  is  denoted  by  a  vertical  line  and  was  determined  by  computing  the  midpoint 
between  the  3-dB  points  of  the  smoothed,  measured  element  pattern. 

Following  the  theoretical  development  in  Section  2,  the  simulated  element  patterns  are 
computed  for  the  EUT  on  a  conducting  circular  cylinder  of  radius  equal  to  the  radius  of  curvature 
of  the  conformal  wing  surface  at  the  location  of  the  element  center.  An  equal  number  o 
neighboring  elements  are  placed  on  each  side  of  the  EUT  around  the  virtual  cylinder  in  an 
attempt  to  capture  the  effects  of  mutual  coupling.  Since  the  elements  along  the  conformal  wing 
surface  experience  radically  different  radii  of  curvature  at  their  element  centers,  as  well  as 
different  rates  of  curvature  within  the  local  environment  of  the  EUT,  we  may  expect  the  angu  ar 
region  of  validity  for  our  model  predictions  to  be  a  function  of  element  location.  For  example, 
consider  an  element  positioned  along  a  relatively  linear  section  of  the  wing,  such  as  element  108, 
Fig.  14.  Our  approach  models  this  element  and  its  nearest  neighbors  rather  accurately  when 
computing  the  radiation  pattern  because  the  radius  of  curvature  along  this  entire  section  of  die 
wing  is  large  and  constant.  Therefore,  we  would  expect  the  angular  region  of  validity  for 
element  108  to  be  roughly  the  same  as  for  an  element  in  a  linear  array,  from  -90°  to  +90°.  On 
the  other  hand,  an  element  located  along  the  leading  edge  of  the  wing,  such  as  element  1, 
experiences  a  much  smaller  radius  of  curvature  at  the  element  center.  In  addition,  the  radius  of 
curvature  changes  along  the  element  itself,  as  well  as  within  the  local  environment  of  the 
element.  The  difference  between  the  theoretical  circular  cylindrical  surface  and  the  actual 


conformal  wing  surface  grows  quickly  as  one  moves  away  from  the  element  center.  In  this  case, 
we  expect  the  angular  region  of  validity  to  be  much  smaller  than  that  for  a  linear  array,  and 
possibly  skewed  in  angle  space,  as  illustrated  in  Fig.  1 1,  for  element  1. 

A  direct  comparison  of  the  simulated  patterns  with  the  measured  data  reveals  several 
trends.  First,  notice  the  large  pattern  ripples  that  occur  towards  the  left  of  beam  center  for 
measured  elements  located  near  the  bottom  of  the  leading  edge,  that  is,  elements  108,  115,  116, 
and  1.  As  discussed  in  Section  3,  these  ripples  can  be  attributed  to  multi-path  from  the  trailing 
edge  of  the  wing.  Since  our  model  does  not  incorporate  such  methods  as  the  geometric  theory  of 
diffraction  (GTD)  or  the  uniform  theory  of  diffraction  (UTD)  to  account  for  scattering  from  the 
complex  wing  geometry,  these  ripples  do  not  appear  in  the  predicted  patterns. 

Secondly,  as  is  evident  from  Figs.  11-16,  the  measured  HPBWs  are  slightly  narrower 
than  those  predicted  by  the  model  for  all  elements.  This  can  be  attributed  to  the  fact  that  the 
theoretical  model  only  accounts  for  four  elements  on  each  side  of  the  EUT  when  determining  the 
effects  of  mutual  coupling,  whereas  the  experimental  elements  have  several  neighboring 
elements,  regardless  of  the  location  of  the  EUT  along  the  conformal  wing  surface.  These 
additional  elements  absorb  energy,  contributing  to  the  narrowing  of  the  element  pattern  HPBW. 

Third,  there  is  a  subtler  trend  for  elements  along  the  top  leading  edge  in  which  the 
measured  element  patterns  become  increasingly  asymmetric  as  one  moves  towards  the  leading 
edge  of  the  wing.  Elements  2  and  16  represent  the  two  extremes  of  this  phenomenon.  The  same 
trend  is  evident  for  elements  along  the  bottom  leading  edge  of  the  wing,  although  it  is  much  less 
pronounced.  Our  model  does  not  predict  this  behavior.  This  is  most  likely  due  to  the  fact  that 
our  simulation  symmetrically  places  the  same  number  of  elements  around  both  sides  of  the  EUT 
virtual  cylinder  when  computing  the  element  pattern,  subjecting  the  EUT  to  an  electromagnetic 
environment  in  which  the  mutual  coupling  is  symmetrical.  Thus,  the  simulated  patterns  exhibit 
perfect  symmetry  regardless  of  the  element  location  along  the  wing  surface.  In  the  case  of  the 
conformal  wing,  elements  near  the  leading  edge  do  not  follow  the  same  symmetric  distribution 
as  the  modeled  elements  on  the  virtual  cylinder.  On  the  wing,  the  measured  element  patterns  are 
asymmetric  with  respect  to  the  beam  center.  In  contrast,  as  one  moves  away  from  the  leading 
edge,  elements  are  much  more  likely  to  have  a  symmetrical  distribution  of  surrounding  elements, 
and  hence,  these  elements  exhibit  more  symmetrical  measured  element  patterns. 

Finally,  for  several  elements,  the  measured  beam  centers  are  shifted  from  element 
broadside,  as  is  evident  in  Figs.  11-16.  Furthermore,  the  magnitude  of  this  shift  depends  on  the 
location  of  the  element  along  the  conformal  surface,  as  is  shown  in  Fig.  17.  In  this  figure,  the 
angular  offset  of  the  beam  center  is  plotted  as  a  function  of  element  location,  for  leading  edge 
elements,  where  a  positive  offset  corresponds  to  a  rightward  shift  with  respect  to  broadside,  as  in 
Fig.  11,  and  a  negative  offset  corresponds  to  a  leftward  shift.  Notice  that  the  labeling  of  the  x- 
axis  starts  with  element  16,  proceeds  counter-clockwise  around  the  leading  edge  of  the  wing,  and 
ends  with  element  108.  The  top  leading  edge  elements  (2  -  16)  show  a  small  positive  bias, 
indicating  that  the  beam  center  is  shifted  towards  the  leading  edge  for  these  elements.  The 
bottom  leading  edge  elements  (108-115)  show  smaller  offsets  with  no  bias,  indicating  that,  in 
general,  the  beam  center  coincides  with  broadside  for  these  elements.  Elements  1  and  116  show 
a  strong  tendency  for  the  main  beam  to  shift  in  the  positive  global  angle  direction.  These 


202 


phenomena  most  likely  result  from  complex  mutual  coupling  interactions  described  previously 
and  the  geometry  of  the  wing  surface,  neither  of  which  is  incorporated  into  our  model. 

5.0  Conformal  Array  Pattern  Control 

The  far-field  pattern  characteristics  of  the  conformal  wing  array  differ  significantly  as  a 
function  of  the  global  scan  angle,  60  ,  and  whether  all,  or  just  a  portion  of  the  array  is  chosen  as 
the  active  aperture.  It  is  possible  to  optimize  radiation  pattern  behavior  in  specific  directions  by 
selecting  N  consecutive  elements  to  be  active,  while  match-terminating  all  remaining  elements. 
Typically,  N  will  be  less  than  half  the  total  number  of  elements  since  it  is  not  possible  for  both 
the  top  and  bottom  surfaces  of  the  wing  to  face  in  the  same  direction,  although  we  later  show  that 
some  benefit  can  be  derived  be  using  all  the  array  elements,  even  if  they  are  on  the  other  side  of 
the  wing.  One  approach  is  to  chose  an  appropriate  number  of  elements  to  achieve  a+ desired 
projected  aperture  which  faces  into  a  particular  scan  region,  described  by  #  <<f>0<  fr  ,  where 
a-  /?+  are  the  local  scan  limits  associated  with  the  ih  W-element  active  aperture.  As  the 
array's  main  beam  is  scanned  toward  either  or  /?,+,  the  array  gain  will  decrease  as  a  function 
of  the  AT  active  element  patterns,  the  overall  curvature  of  the  active  aperture,  and  the  extent  of  the 
projected  aperture  relative  to  scan  direction.  When  gain  roll-off  exceeds  some  criteria,  the  N- 
element  active  aperture  can  be  commutated  around  the  curvature  of  the  wing,  a  few  elements  at  a 
time  thus  establishing  a  new  active  aperture  and  a  new  scan  region.  As  with  linear  and  planar 
arrays  control  of  a  conformal  array  pattern  is  achieved  by  determining  an  appropriate  vector  of 
complex-valued  coefficients,  an,  as  defined  in  Eq.  1.  The  approach  described  in  this  section 
iteratively  computes  these  coefficients. 

5.1  Conformal  Array  Pattern  Synthesis  Using  Alternating  Projections 

In  order  to  explore  what  patterns  are  achievable  we  use  a  pattern  synthesis  method  based  on 
alternating  projections  [5].  This  is  an  iterative  numerical  approach  which  offers  great  flexibility 
and  handles  both  shaped  beam  and  pencil  beam  synthesis  and  arbitrary  sidelobe  envelopes  We 
apply  this  method  to  synthesize  power  patterns,  that  is,  without  constraints  on  the  far  field  phase. 
The  method  is  illustrated  in  Fig.  18,  which  shows  a  set  of  desirable  patterns  Fd  and  a  set  of 
realizable  patterns  Fr,  and  where  we  alternately  find  the  closest  point  (projection)  on  the  two  sets 
until  a  common  point  (or  the  particular  point  of  the  realizable  set  which  is  closest  to  the  desirable 
set)  is  found.  Denoting  by  g„(cp)  the  field  pattern  of  array  element  n  in  its  array  environment,  the 
set  of  realizable  patterns  is  represented  by 


^<p)=2>«S»’  (22) 

1 

where  a„  are  arbitrary  complex  excitation  coefficients  of  the  N  elements.  The  set  of  desirable 
patterns  may  be  represented  by  upper  and  lower  bounds  on  the  pattern,  Mu  (cp)  and  Mi  (tp),  as 
shown  in  Fig.  19,  and  a  desirable  pattern  F/cpJ  may  be  represented  by  the  discrete  set  of  samples 
Fd(<?m),  m=l...M,  (M»N).  The  iterations  now  proceed  as  follows: 

Projecting  F A(S))-*F d(ty) 

From  Fr  the  desirable  pattern  Fd  is  obtained  by  the  rule,  for 
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if  Mi(q>J<\  /v(WI<  MfyJ,  then  Fd(q>J=  Fr(q>J,  (23) 

if  |  Fr(q>m)\<  Mi(q>J,  then  Fd(yJ=  M,((fm)*Fr{(pfn)  /  \Fr((?J\ ,  (24) 

if  \  Fr(q>m)\>  Mu(<?m),  then  Fd((Pm)=Mu(q>J  *Fr((pJ/\Fr(q>m)\.  (25) 

Projecting,  F/o^F/d)) 

From  Fd  the  realizable  pattern  Fr  is  obtained  by  solving  the  following  overdetermined  system  of 
equations  in  the  least-mean-square  sense,  which  leads  to  a  new  set  of  {a„}  and  thus  to  a  new 

Frit P). 

FX<Pm)  =  Y.an  £„(q>m)  =  Fdfom)  (26) 


A  weakness  of  the  method  of  alternating  projections  is  that  it  may  get  hung  in  a  local 
minimum,  as  represented  by  the  parts  on  the  far  right  of  the  sets  in  Fig.  18,  if  an  unsuitable 
starting  point  is  chosen.  As  a  precaution,  therefore,  we  occasionally  try  different  starting  values 
for  the  element  excitations,  such  as  random  values  or  values  which  are  uniform  in  amplitude  and 
focused  in  the  desired  main  beam  direction.  So  far,  our  results  indicate  that  local  minima  do  not 
pose  a  serious  problem.  Convergence  of  the  method  is  fast,  usually  a  few  hundred  iterations 
were  adequate,  which  only  took  seconds  on  a  1 .5  GHz  PC. 


5.2  Results  Using  Measured  Element  Patterns 

Fig.  20  shows  an  example  of  a  synthesized  pattern  for  a  135°  look  direction,  assuming 
elements  1-10  are  active.  These  elements  all  have  a  local  normal  within  ±  22°  from  the  desired 
look  direction.  Imposing  the  desired  upper  and  lower  pattern  bounds,  Mu  (cp)  and  Mi  (cp),  as 
shown  by  the  dotted  lines,  we  obtain  the  best  realizable  pattern  via  alternating  projections,  shown 
by  the  solid  line.  The  null-to-null  beamwidth  was  set  to  35  degrees,  and  in  this  case  the  desired 
sidelobe  level  of  -30  dB  is  practically  realizable.  The  synthesized  array  distribution  has  a 
reasonable  taper  for  a  low-sidelobe  pattern,  as  shown  in  Fig.  21,  with  the  exception  of  the  large 
amplitude  of  element  8.  The  reason  is  that  this  element  pattern  has  a  much  lower  amplitude  than 
its  neighbor  elements,  and  therefore,  it  requires  a  correspondingly  higher  excitation  to  contribute 
equally  to  the  array  pattern.  After  a  careful  investigation  of  performance  of  individual  elements, 
is  appears  that  the  microstrip  feed  on  element  8  peeled  away  from  the  dielectric,  creating 
considerable  signal  loss. 

For  the  chosen  active  aperture  of  10  array  elements,  the  minimum  sidelobe  level  of  about 
-27  dB  cannot  be  suppressed  further  by  lowering  the  desired  sidelobe  level  or  broadening  the 
desired  main  beam.  Thus,  this  level  represents  a  sidelobe  floor.  Increasing  the  active  array  to 
include  elements  1-15  only  reduces  this  level  by  3dB  to  -30  dB,  but  allows  a  reduction  in  beam- 
width  from  35  to  23  degrees,  as  seen  in  Fig.  22.  This  beamwidth  reduction  fully  corresponds  to 
the  increase  in  array  size. 

We  next  consider  the  case  where  all  116  elements  are  active.  In  this  case  the  sidelobe 
floor  lies  at  about  -40  dB  and  for  the  135  degree  scan  direction  the  null-to-null  beamwidth  is 
about  7  degrees,  as  shown  in  Fig.  23.  The  corresponding  array  excitation  is  shown  in  Fig.  24  .  A 
few  exceptional  high  values  again  indicate  the  presence  of  some  bad  elements,  as  described  in 
Section  4.  However,  more  interesting  is  that  most  elements  on  the  bottom  of  the  wing  have 
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small,  but  non-zero  excitations  and  thus  contribute  to  the  total  pattern.  Apparently  the  elements 
looking  in  the  wrong  direction  help  by  canceling  the  sidelobes  of  elements  looking  in  the  desired 
direction,  which  is  a  kind  of  domino  effect. 

Finally,  we  attempt  to  synthesize  a  beam  in  the  forward  direction  (<j>0  «  180  degrees), 
which  is  difficult  since  the  projected  area  of  the  array  is  small,  and  very  few  elements  radiate 
efficiently  in  that  direction.  Employing  the  eight  elements  (No.  1-7  and  1 16),  whose  normals  are 
within  60  degrees  of  the  desired  look  direction,  we  find  that  the  projected  area  is  13.5  cm  «  2.5 
wavelengths,  which  corresponds  to  an  expected  null-to-null  beam  width  of  about  48  degrees. 
Setting  the  desired  beamwidth  equal  to  this  estimate  and  gradually  reducing  the  desired  sidelobe 
level  we  find  that  we  can  realize  patterns  with  a  uniform  sidelobe  level  of  about  -20  dB,  as 
shown  in  Fig.  25  full  line.  At  this  look  direction,  it  appears  difficult  to  suppress  the  sidelobe  floor 
below  about  -27  dB,  although  more  elements  allow  for  considerably  narrower  mam  beams,  as 

seen  in  Fig.26. 

5.3  Comparison  of  Results  Using  Theoretical  vs.  Measured  Element  Patterns 

In  an  earlier  stage  of  this  project,  we  used  theoretical  element  patterns  for  the  synthesis  of 
the  total  array  pattern  [1],  [6],  It  is  of  interest  to  compare  those  patterns  with  the  present  array 
patterns,  which  are  based  on  measured  element  patterns.  The  theoretical  array  elements  were 
designed  with  the  code  CyMPA,  which  models  microstrip  patches  on  dielectric  covered,  circular 
cylinders.  Array  element  patterns  g„(<j>),  which  include  mutual  coupling  effects,  were  computed 
with  this  code  by  approximating  each  element  and  its  neighbors  with  the  corresponding,  locally 
osculating  circular  array.  A  further  approximation  was  incurred  for  cases  where  the  radius  of 
curvature  was  >  20  X  or  negative,  in  which  the  radius  was  to  20X.  The  reason  is  that  CyMPA  is 
based  on  an  eigenfunction  expansion  which  is  limited  to  moderately  large  radii  ofcurvature.  A 
comparison  of  computed  and  measured  element  patterns  is  given  in  Section  4.  The  case  of  a 
desired  beam  in  the  135°  direction  with  null-to-null  beamwidth  29°  and  sidelobe  level  of -40  dB 
is  shown  in  Figs.  27  and  28,  using  computed  and  measured  patterns,  respectively,  for  elements  1- 
15  In  other  cases  studied,  overall  structure  of  array  patterns  synthesized  using  computed  and 
measured  element  patterns  agreed  fairly  well,  although  the  presence  of  high  frequency  npple 
lead  to  a  slightly  higher  sidelobe  floors. 

6.0  Conclusions 

This  investigation  sought  to  characterize  the  electromagnetic  behavior  of  a  wing-shaped 
conformal  array  which  has  a  highly  variable  rate  of  curvature,  and  further,  to  demonstrate  an 
effective  beamforming  technique  used  for  controlling  the  wing  array’s  far-field  array  pattern. 
This  paper  brings  to  a  close  the  work  reported  last  year  [1],  with  a  strong  emphasis  on  analyzing 
individual  measured  element  pattern  performance,  and  comparing  measured  element  patterns 
against  theoretical  element  patterns  computed  using  CyMPA.  The  measured  and  theoretical 
patterns  were  then  used  to  synthesize  conformal  array  patterns. 

The  comparison  analysis  presented  here  suggests  that  our  theoretical  model  generally 
makes  accurate  predictions  of  measured  patterns  for  elements  located  on  flat  sections  of  the 
conformal  wing  surface.  In  contrast,  the  model  does  not  completely  capture  the  pattern  behavior 


of  elements  located  on  sharply  curved  sections  of  the  wing.  This  result,  is  not  surprising,  since 
our  model  only  approximates  the  local  curvature  of  the  patch  elements  themselves  and  does  not 
account  for  scattering  and  multipath  due  to  the  overall  geometry  of  the  wing.  The  infinite 
cylinder  model  used  in  CyMPA  ignores  any  scattering  from  the  ends  of  a  finite  wing.  However, 
a  3-D  wing  array  would  have  several  of  these  2-D  line  arrays  in  parallel,  which  would  increase 
the  gain  in  the  scan  direction  and  reduce  the  illumination  of  the  ends. 

We  have  also  explored  pattern  synthesis  for  a  conformal  wing  array.  Our  computer 
model  is  based  on  a  representative  wing  profile  and  on  measured  array  element  patterns  which 
include  the  effects  of  mutual  coupling  and  the  local  radius  of  curvature,  to  first-order.  Therefore, 
the  synthesized  patterns  should  be  highly  realistic  in  a  plane  that  is  oriented  transverse  to  the 
wing.  The  pattern  synthesis  method  based  on  alternating  projections  appears  to  be  highly 
efficient  for  this  non-conventional  array  shape,  and  no  convergence  problems  due  to  local 
minima  were  observed.  Comparing  the  measured  and  computed  element  patterns  we  observe  a 
high  frequency  ripple  in  the  measured  patterns  but  not  in  the  computed  patterns.  This  is 
presumably  due  to  diffraction  at  the  sharp  trailing  edge  of  the  wing,  and  thus  should  be  included 
in  any  realistic  computer  model.  Its  effect  on  the  total  array  pattern  is  to  raise  the  sidelobe  floor, 
since  these  noise-like  contributions  can  not  be  made  to  cancel  over  extended  angular  sectors. 
Alternatively,  and  preferably,  this  diffraction  could  be  suppressed  by  some  lossy  surface  coating 
on  the  wing.  High  quality  patterns  with  uniform  low  sidelobes  are  achievable  for  most  beam 
directions.  An  interesting  finding  is  that,  apparently,  elements  looking  in  the  wrong  direction 
help  by  canceling  the  sidelobes  of  elements  looking  in  the  desired  direction,  which  is  a  kind  of 
domino  effect.  This  effect  was  stronger  with  computed  than  with  measured  element  patterns. 
Possible  future  research  in  this  area  may  include  a  more  detailed  analysis  of  pattern  behavior  for 
elements  on  sharply  curved  sections  of  the  wing,  as  well  as  an  attempt  to  reconcile  the  4-dB 
absolute  gain  discrepancy  between  computed  and  measured  patterns,  seen  across  the  elements. 
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Figures 


Fig  1 :  Conformal  wing  array  in  anechoic  chamber,  set  for  element  pattern  measurements. 
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Fig.  2:  Element  indexing  scheme,  and  variables  used  in  the  global  and  local  coordinate  systems. 
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Conformal  Wing  Array 


Fig.  3:  Local  geometry  used  in  first-order  approximation  of  mutual  coupling 


Source 


Fig.  4:  Conformal  array  element  pattern  measurement  configuration  in  anechoic  chamber. 
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Bement  Under 


Fig.  5:  Block  diagram  of  the  RF  source  and  reference  signal  configuration 

Receiver  Linearity 


Pin  (dBm) 


Fig.  6:  Illustrating  the  linear  range  of  RF  receiver  operation  lies  along  the  straight  line 
projection,  below  the  1  dB  compression  point. 
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Fig.  7:  Block  diagram  of  the  configuration  used  in  conformal  array  measure  patterns  measurements. 


Power,  Phase 


Fig.  8:  Combined  plots  of  the  measured  amplitude  and  phase  variation  along  a  horizontal  slice  of  the 
quiet  zone,  measured  along  a  6’  long  sled  oriented  perpendicular  to  the  incident  wavefront. 
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Fig.  9:  FFT  power  spectra  of  spatial  ripple  as  a  function  of  element  number  in  the  array. 

Element  114,  Mixer  2 


Fig.  10:  Plots  of  co-pol  and  cross-pol  absolute  gain,  measured  for  element  39. 
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Element  1 


Fig.  11:  Power  patterns  of  Element  #1,  measured  data  (solid),  smoothed  version  of  measured 


data  (dotted),  theoretical  (dashed) 


LOCAL  ANGLE  [°] 

Fig.  12:  Power  patterns  of  Element  #2,  measured  data  (solid),  smoothed  version  of  measured 
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Element:  16 


Fig.  13:  Power  patterns  of  Element  #16,  measured  data  (solid),  smoothed  version  of  measured 
data  (dotted),  theoretical  (dashed) 

Element:  108 


Fig.  14:  Power  patterns  of  Element  #108,  measured  data  (solid),  smoothed  version  of  measured 
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Fig.  17:  Plot  of  element  “beam  center”  offset,  in  degrees,  relative  to  each  element’s  local  broadside 
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Fig.  18:  Illustrating  array  pattern  synthesis  using  the  method  of  alternating  projections. 
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Fig.  19:  The  upper 


and  lower  bounds  Mu(j)  and  Ml(j)  define  desirable  patterns,  FrQ)  represents  a 


Fig.  20:  Synthesized  pattern  for  a  135-degree  look  direction  (45  degree  forward  upward)  with 
elements  1-10  active.  Sidelobe  floor  is  about  -27  dB  with  10  elements.  Null-to-null 
beamwidth  is  35  deg. 


Fig.  21 :  Element  excitations  corresponding  to  the  synthesized  pattern  in  Fig.  20. 
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Fig  22:  Activating  elements  1-15  reduces  the  sidelobe  floor  to  about  —30  dB  and  a  yields  a 
significant  reduction  in  beamwidth.  Null-to-null  beamwidth  is  23  degrees 


Angle  (deg.) 


Fie  23-  Synthesized  135  -  degree  beam  whit  all  1 16  elements  active  and  corresponding  array 
'  excitation.  Note  that  all  even  elements  on  the  bottom  side  of  the  wing  are  slightly 
excited.  Large  spikes  in  element  excitation  indicate  bad  element  connections.  Null-to-null 

beamwidth  is  9  deg. 
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Fig.  24:  Excitation  coefficients  for  synthesized  array  pattern  shown  in  Fig.  23. 


Fig.  25:  With  the  main  beam  in  the  forward  direction,  where  the  projected  aperture  is  minimum, 
the  sidelobe  floor  lies  at  roughly  -20  dB,  with  8  elements  active  (No.  1  -7, 1 1 6).  Null-to- 
null  beamwidth  is  48  deg. 
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Fig.  26:  With  the  main  beam  in  the  forward  direction,  activating  more  elements  leads  to  a 
significant  beamwidth  reductions  but  only  slight  sidelobe  reductions.  Shown  here 
is  the  case  where  all  1 16  elements  are  active,  resulting  in  a  beamwidth  of  24  deg. 


Fig.  27:  From  our  earlier  work  [1],  computed  element  patterns  were  used  to  synthesize  an  array 
pattern  with  close  to  —40  dB  sidelobes  with  only  1 5  elements  active. 
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Fig.  28:  Measured  element  patterns  were  used  to  synthesis  the  same  array  pattern  shown  in  Fig. 
26,  however,  in  this  case,  the  high-frequency  ripple  in  the  measured  element  patterns 
limits  the  sidelobe  level  increases  to  roughly  -30  dB. 
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